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“What we know is not much. What we do not know is immense.”
Pierre-Simon Laplace, 1749-1827
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Chapter

1
Introduction

In this introductory chapter, necessary background information on
power management units of integrated circuit (IC) systems and a brief
overview of frequency synthesis based on phase-locked loops are presented.
This facilitates the development of this dissertation in the following chapters.
Moreover, the main objectives and structure of this dissertation are also
summarized at the end of the chapter.

1

2

1.1

Introduction

System Power Management

In the past few decades, the CMOS process technology has been continuously advancing towards the ever finer feature size. Following this
scaling trend, which has been mainly propelled by digital circuits, the
thickness of oxide layer keeps on reducing with each technology node. The
nominal supply voltage has also been scaling down accordingly, as shown in
Fig. 1.1 [1], to maintain a reasonable electric field intensity inside the device
and to prevent reliability issues, such as a time-dependent breakdown of the
gate dielectrics (TDDB) and hot carrier injection [2]. The nominal supply
voltage of the submicron CMOS technology is already around 1 V, which
is much lower than the voltage levels provided by available energy sources
such as batteries. Meanwhile, energy harvesting techniques are maturing to
significantly extend the system lifetime of devices for applications such as
the Internet-of-Things (IoT) and wireless sensor networks (WSN), and may
even realize batteryless operation of these devices. However, the output
voltage of the commonly used harvester types (i.e., ∼0.25–0.75 V) [3–5]
is typically much lower than the nominal 1 V supply of the submicron
CMOS, making it also unsuitable to power the devices directly. Therefore,
additional blocks should be inserted between the energy sources, whether
batteries or energy harvesters, and the devices they power, in order to
bridge that voltage gap.

Figure 1.1: Trend of Vdd and Vth scaling from 250- to 32-nm nodes [1].

Typical functions used in power management include
low dropout (LDO) linear voltage regulators, DC-DC
converters, voltage references, and security functions.
These functions are commonly combined into a
dedicated power management unit (PMU) that supplies

represented in the power management section of the
block diagram that show how you can choose IP
technology from Vidatronic that will bring substantial
differentiation and value to your ASIC/SoC.
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1.1 System Power Management

4: Example
Block
Diagram with
with Integrated
Power
Management
Figure 1.2:Figure
Example
SoC SoC
block
diagram
integrated
power
management [11].

LOW DROPOUT (LDO) REGULATORS

is required, the LDO can operate with an input power

Aside from the aforementioned voltage
difference,
anLDOintegrated
supply
as low as 1.2V.
regulators alsosystem,
provide a
LDOs are widely used to provide a regulated voltage
very low noise and extremely stable output voltage
level from a battery
or other power source
the also require multiple supply levels to
especially
a mixed-signal
one, atmay
against power supply and load variations.
expense of a minimum voltage drop or dropout voltage
power
different
functional
blocks
inside
the system in order to achieve
(~200 mV). This small difference between the LDO input
Due to its closed loop architecture, many LDO circuits
(power supply) and its regulated output voltage allows
require power
a compensation
scheme. Most[6,
of 7].
the For
LDO
both
the satisfying performance and lower
consumption
the LDO to work with very low input power supplies
circuits implement a large external capacitor on their
which has become
of theanalog
main challenges
for small
example,
RFoneand
blocks
inside the
system
typically
powered the
at
output,
providing are
a dominant
pole for compensating
processes. For example, if a 1V output regulated voltage
the nominal supply voltage
to maintain their desired performance, while
Copyright © 2020 by Vidatronic, Inc.
5
the voltage levels supplying digital blocks may be lowered to reduce their
power/energy consumption. Techniques that dynamically adjust the supply
voltages of functional blocks are also attracting research interests [8, 9].
By varying the voltage level of certain functional blocks based on their
operating circumstances, the power consumed by a particular block can be
further reduced when the instant requirement on its performance is relaxed,
thereby improving the system efficiency. Considering all these factors,
together with other necessary control functions, power-rail sequencing [10]
as an example, a dedicated power management unit (PMU) should be
designed to guarantee that the integrated system is properly powered.
An example of the PMU integrated in a system-on-chip (SoC) is illustrated in Fig. 1.2 [11]. Generally, the PMU contains several voltage
regulators (e.g., DC-DC converters and low-dropout linear regulators) to
convert the output of the energy source to proper supply voltages required
by the functional blocks. Besides, a control block is implemented to su-
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VDC-DC

VLDO

frip
Arip

VDD,norm

t

t
Energy
Source

VES

(battery/supercap/
energy harvester...)

DC-DC
Converter

VDC-DC

(buck/boost/
buck-boost)

LDO

VLDO
Function
Blocks

Figure 1.3: Cascading of the DC-DC converter with the LDO to generate stable supply
voltage for sensitive modules inside the system.

pervise the correct behavior of the PMU outputs. Other blocks, such as
voltage monitors and temperature sensors are also commonly employed in
the PMU to guarantee the proper performance of the SoC [11].
1.1.1

Voltage Regulation in PMU

At the heart of the PMU are voltage regulators performing the conversion between different voltage levels. Two types of regulators are normally
employed: DC-DC converters (or sometimes referred to as “switching regulators” in contrast to the linear regulators) and low-dropout (LDO) linear
regulators.
A DC-DC converter transforms with high efficiency the output level of
the energy source to a proper value determined by the circuits it powers.
Depending on the required voltage difference between its input and output,
the DC-DC converter can operate in a certain mode (i.e., buck or boost),
or a combination of the two modes (i.e., buck-boost) could be adopted to
accommodate different input situations (see Fig. 1.3). Conventionally, the
converter tends to be designed with inductor-based topologies. However,
these topologies typically require external inductors of high quality factors,
impeding their full SoCs integration. In contrast, the switch-capacitorbased DC-DC converters could be implemented with on-chip capacitors
and are favored for from the standpoint of full system integration [12, 13].
Although a high efficiency could be achieved by the DC-DC converter, a
ripple at its output originating from the switching operation of the converter
could severely degrade the performance of supply-sensitive blocks. To solve
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this problem, an LDO is generally used in a cascade with the converter
to suppress the ripple and to generate a ‘clean’ supply voltage for the
functional blocks, as shown in Fig. 1.3. Besides the power supply rejection
(PSR), efficiency is another important performance metric of the LDO.
Many integrated LDO designs with good PSR and efficiency performance
could be found in the literature. However, these designs only focus on the
LDO itself, and a detailed analysis that would also take the requirements
imposed by the load circuitry into consideration is still lacking.

1.2

Frequency Synthesis Overview

Frequency synthesis is widely employed in various types of applications
to generate local oscillator (LO) signals, perform frequency and phase
modulation, or generate clocks for data converters, etc. A phase-locked
loop (PLL) is one of the most commonly used techniques to implement
frequency synthesis, especially in communication systems.
A general block diagram of the PLL is shown in Fig. 1.4. It consists
of a phase detector (PD), a loop filter (LF), a controlled oscillator, and
a frequency divider. Based on the input frequency of the reference signal
(REF), the loop adjusts the frequency and phase of its output signal in
a feedback manner. The output of the oscillator is also scaled by the
frequency divider: the divided signal (FB) is fed into the PD to compare
with REF. The output of PD represents the phase error between REF and
FB and is used to modulate the oscillator again after being filtered by
LF. Therefore, the frequency of the output signal (fout , which equals the
frequency of the oscillator, fosc ), is related to the reference frequency (fref )
through the division ratio of the frequency divider, i.e., fout = N × fref .
REF
FB

Phase
Detector

Loop
Filter

OUT

÷N
Figure 1.4: General block diagram of a PLL.
Charge Pump

IIR
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When N is constrained to be an integer, the PLL operates as integer-N .
Otherwise, it operates in a fractional-N mode. For fractional-N PLLs,
fout could vary with a frequency step that is much smaller than fref , thus
offering more flexibility in the loop design, which is greatly beneficial in
communication systems.
The open-loop transfer function of the PLL shown in Fig. 1.4 is expressed
as
φfb
1
2πKosc
Hol (s) =
=
· KPD HLF (s) ·
(1.1)
φref
N
s
where φref and φfb represent the (excess) phase of REF and FB, KPD is the
PD gain, HLF (s) the transfer function of LF, and Kosc the frequency gain
of the oscillator. Based on (1.1), a closed-loop transfer function from REF
(Hcl,ref ) and from the oscillator output (Hcl,osc ) to the PLL output could
be obtained. The calculation shows that
Hcl,ref (s) =

N Hol (s)
N KPD HLF (s) · 2πKosc
φout
=
=
φref
1 + Hol (s) N s + KPD HLF (s) · 2πKosc

(1.2)

Hcl,osc (s) =

1
φout
Ns
=
=
φosc
1 + Hol (s) N s + KPD HLF (s) · 2πKosc

(1.3)

and

in which φout is the (excess) phase of OUT, and φosc represents the phase
fluctuation at the oscillator output. Note that the phase quantity φref in
(1.2) is still normalized to the reference frequency domain. When normalized
to the frequency domain of the oscillator instead (e.g., such a transform
is generally needed when modeling sub-sampling PLLs), (1.2) should be
divided by N . Eqs. (1.2) and (1.3) prove that any perturbation injected
in the reference path experiences low-pass filtering while that injected at
the oscillator output is high-pass filtered by the loop. This leads to an
optimal PLL bandwidth at which the oscillator and the loop components
contribute to the output jitter almost equally [14]. The number of poles
in the transfer functions (1.2) and (1.3) also determines the order of the
PLL, while the PLL type is related to the number of poles at DC. Since
the oscillator will always contribute one DC pole due to the integration of
its frequency modulation to obtain the corresponding phase information,
the PLL is at least of type I. The loop could be made type II by including

Detector

Filter

÷N
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α Type II, high order

Charge Pump

IIR
REF
FB

UP

PFD

Σ

Vctrl

ρ

DN
REF
FB

Digital
Loop Filter

PD

ΔΣ
Loop Filter

MMDIV

(a)

N

DSM

MMDIV

(b)

N

DSM

Figure 1.5: Block diagram of (a) an analog CPPLL and (b) a divider based digital PLL.

one integrator in LF. Compared to a type I PLL, in which the static phase
error (φe,ss ) between REF and DIV varies with the output frequency, φe,ss is
ideally zero for a type II loop, which is beneficial in some applications [15].
Based on the implementation approach, the PLL structures could be
further classified into two categories: analog [16–25] and digital [26–33].
Conventionally, the analog charge-pump PLL (CPPLL) [16–18, 22], shown
in Fig. 1.5 (a), was dominating as the design choice in the past. In a CPPLL,
the phase error is measured by the phase/frequency detector (PFD), which
generates two pulses (‘UP’ and ‘DN’) with a width difference similar to
the phase error timing. The pulses then control the corresponding current
branches in the charge pump (CP) to charge/discharge the capacitors in LF.
Hence, the control signal (Vctrl ) of the voltage-controlled oscillator (VCO)
is increased/decreased, and the VCO frequency is modulated accordingly.
To realize fractional-N operation, a multi-modulus divider (MMDIV) controlled by the ∆Σ modulator (DSM) is commonly used in the loop. As
the technology keeps scaling down, the design of the CPPLL is becoming increasingly difficult due to analog imperfections such as the reduced
supply voltage and the short-channel effects of the transistors. Therefore,
digital alternatives are being explored in the sub-micron CMOS [26–34].
In contrast to the CPPLL, the phase error information is converted into
the digital domain, as can be observed from Fig. 1.5 (b), and further processed by the digital loop filter (DLF). The loop dynamic could be better
controlled with DLF, while the removal of the bulky passive capacitors
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and resistors in the analog filter of CPPLL could also help in reducing the
silicon area. The DLF output is used to tune a digitally controlled oscillator
(DCO), instead of a VCO, and another ∆Σ modulator could be applied
to dither the least significant bits (LSBs) of the DCO control word for
finer frequency resolution. Such digital intensive implementations also lend
the loop naturally to the advanced digital calibration techniques in scaled
CMOS technologies. Since the phase information is already available in
the digital format, various calibration algorithms could be easily employed
to improve the loop performance.

1.3

Thesis Objective

The main objective of this dissertation work is to carry out research on
the powering strategy for sensitive analog and RF components, especially
the PLLs, and accordingly to develop a new loop architecture for an
improved power efficiency and reduced design complexity.
To achieve this goal, the conventional arrangement of powering the SoCs
is investigated first. This thesis will mainly focus on the limitation of the
LDO efficiency based on the practical requirements of the PLL. Following
this, a fractional-N digitally intensive PLL architecture tolerant of supply
ripples is then developed as described in the rest of this thesis, ultimately
enabling its direct operation under the output of DC-DC converters.

1.4

Thesis Outline

This thesis is composed of two parts. The first part (Chapters 2 and 3)
focuses on the analysis of the power management strategy for SoCs, showing
the benefits of supplying the PLL directly from the switched-capacitor-based
DC-DC converters. Then, the design and implementation of a fractional-N
digitally insensitive PLL, capable of maintaining its performance in face
of a large supply ripple, ultimately enabling its direct connection to the
converter output, is elaborated in the second part (Chapters 4 and 5). The
thesis is organized as follows.
In Chapter 2, the issues of powering a PLL from a DC-DC converter
with output ripples are analyzed in three aspects. To tackle these issues,

1.4 Thesis Outline
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either LDOs should be used to suppress the amplitude of the ripples,
or extra techniques need to be invented to alleviate their effects on the
performance of PLL.
In Chapter 3, the limitations on the power efficiency of the integrated
LDOs powering PLLs are analyzed. It is found that the use of LDOs
consumes extra voltage headroom and could largely degrade the power
efficiency of the system. Hence, it is desired that the PLL could operate
directly from the converter output. A brief discussion of different SoC
powering scenarios is also included at the end of this chapter.
In Chapter 4, a feed-forward supply ripple replication and cancellation
technique is proposed to suppress the supply pushing of the LC oscillator,
which is the most sensitive block to the supply ripples in the PLL. To
verify the proposed technique, measurement results of a 40-nm prototype
are presented. Moreover, the oscillator is directly powered by a threestage recursive switched-capacitor DC-DC converter to further verify its
effectiveness.
In Chapter 5, a fractional-N digitally intensive PLL that is practically
insensitive to supply ripples is designed and implemented in 40-nm CMOS.
The phase detector is realized in voltage domain through cascading a
supply-insensitive slope generator with the output of a current DAC, while
a low-power ripple-pattern estimation and cancellation algorithm is implemented at the output of the SAR ADC to prevent the supply-induced delay
variation of loop components from modulating the oscillator’s frequency.
The technique proposed in Chapter 4 with an improved calibration loop is
also employed for the oscillator design here. Extensive experimental results
of the prototype under both sinusoidal and sawtooth supply ripples are
also presented at the end of the chapter.
Finally, Chapter 6 concludes the dissertation with some suggestions for
future improvements.
1.4.1

Original Contributions

The original contributions of this work are summarized from Section 6.2
as follows:
• Quantitative analysis of the PLL’s spurious and phase noise degradation due to the ripples and noise on its supply and derivation of the

10
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corresponding limitations on the LDO efficiency (Chapters 2 and 3).
• Quantitative analysis of four different SoC powering scenarios (Chapter 3).
• Introduced a feed-forward supply ripple replication and cancellation
technique with an on-chip calibration loop to suppress the supply
pushing of the LC oscillator (Chapter 4).
• Design and implementation of a fractional-N digitally intensive PLL
that is insensitive to supply ripples (Chapter 5).

Chapter

2
Effects of Supply Ripple on the Spectral Purity of PLL

This chapter investigates the effects of supply ripples that stem from
the switching operation of an integrated DC-DC converter on the PLL’s
spectral purity. Output spurs at the ripple frequency generated by the
supply pushing of the oscillator or the output delay variation of loop
components are quantified. For a fractional-N operation, the effects of
intermodulation between the ripple frequency and the synthesized fractional
frequency are also analyzed. Based on the aforementioned discussions, the
requirement on the ripple amplitude is also determined. Note that although
a digital PLL structure is chosen as an example in a portion of the analysis
in this chapter, the result is also valid for analog PLLs.

11
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2.1

Effects of Supply Ripple on the Spectral Purity of PLL

Spurs Due to Oscillator Supply Pushing

It is well-known that the level of spurious tones around the carrier that
are induced by a sinusoidal supply ripple with a peak-to-peak amplitude of
Arip,osc and a frequency of frip can be estimated by


Sosc



Kpush · Arip,osc 
= 20 · log10 
,
4frip

(2.1)

where Kpush is the supply pushing of the oscillator. Considering that
frip , which is expected to be in the range of several to tens of MHz for
switched-capacitor-based DC-DC converters, is much higher than the
typical bandwidth (<1 MHz) of a PLL, this spur will appear at the PLL
output with little attenuation (see Fig. 2.1). From (2.1), to guarantee a
<−50 dBc spur level under a 50 mVpp ripple, Kpush should be less than
1.26 MHz/V, which is much lower than that in state-of-the-art RF oscillators
[35].
Consequently, Arip,osc should be suppressed to a sufficiently small value.
From (2.1), the maximum ripple amplitude that could be tolerated by the
oscillator for a given spur level Sosc can be calculated as
Arip,osc <

4frip Sosc /20
10
.
Kpush

(2.2)

It shows that the tolerable ripple amplitude increases with frip due to the
decrease in the oscillator’s frequency-to-phase conversion gain.

Phase
Detector

Loop
Filter
frip

CKV

MMDIV

fCKV

Magnitude (dB)

REF
FB

Arip,osc 10
0

0.19dB@5MHz
-20
-40
-60

(a)

(b)

0.01

0.1
1
Frequency (MHz)

10

Figure 2.1: (a) Spurs produced by the supply pushing of the oscillator in a PLL. (b)
High-pass magnitude response of a type-II PLL with a typical 300 kHz bandwidth and a
damping factor of 0.707.
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Figure 2.2: (a) Spurs produced by the supply ripple modulating the divider output delay.
(b) Low-pass magnitude response of a type-II PLL with a typical 300 kHz bandwidth and
a damping factor of 0.707.

2.2

Spurs Due to Delay Perturbations of PLL’s Components

Supply ripples also degrade the PLL’s spectral purity by modulating the
delay of the edge-critical loop components. Figure 2.2 (a) shows an example
in which the propagation delay of the multi-modulus divider (MMDIV) is
affected by its supply voltage. This delay variation is then sensed by the
phase detector (PD) and transferred to the PLL’s output, leading to spurs
at frip from the carrier. Since the supply perturbation is relatively small,
it is reasonable to assume that the delay variation, ∆trip , is proportional
to the ripple amplitude Arip,loop , i.e.,
∆trip = Krip · Arip,loop ,

(2.3)

where Krip is the supply sensitivity of the MMDIV delay. Hence, the
corresponding peak-to-peak phase deviation presented at the PD input is
∆φrip = 2π

Krip · Arip,loop
,
TCKV

(2.4)

in which TCKV is the oscillation period. This will result in an extra phase
variation at the PLL output with a peak-to-peak amplitude of
∆φrip,out = 2π

Krip · Arip,loop
· 10TFloop /20 ,
TCKV

(2.5)
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in which TFloop (frip ) expresses the amount of low-pass attenuation (in dB)
provided by the loop at frip . Note that ∆φrip is normalized to fosc directly,
thus TFloop ≈ 1 at low frequency offsets, as shown in Fig. 2.2 (b). Instead,
if ∆φrip was normalized to fref , TFloop should be multiplied by the division
ratio, resulting in the same expression shown in (2.5). Based on (2.5), the
output signal of the PLL, xPLL , is expressed as
∆φrip,out
= Aosc sin ωosc t +
sin (ωrip t) ,
2
!

xPLL

(2.6)

where Aosc is the amplitude of CKV. Given that |∆φrip,out | is typically much
less than π/6, (2.6) could then be approximated as
xPLL ≈Aosc sin (ωosc t) +
∆φrip,out
Aosc ·
· ( sin[(ωosc + ωrip )t]−sin[(ωosc −ωrip )t]).
4

(2.7)

Combining (2.7) and (2.5), the spur level induced by the delay variation of
MMDIV under supply ripple is calculated as
φrip,out
π · Krip · Arip,loop
= 20 · log10
+ TFloop . (2.8)
4
2TCKV
!

Sdly = 20 · log10

!

The magnitude response of a type-II digital PLL (DPLL) with a typical
300 kHz bandwidth is shown in Fig. 2.2 (b). Note that a wider bandwidth
would result in a lower attenuation by the loop (TFloop ), worsening the
spur performance due to the delay variation, while a narrower bandwidth
would provide less filtering of the oscillator phase noise (PN), consequently
affecting the in-band PN and jitter performance of the loop [14]. For a
5 MHz frip , the suppression offered by the loop is only −23.9 dB. Hence,
with a simulated Krip ≈ 400 ps/V, a 50 mVpp ripple causes a ∼ −40 dBc
spur at a 5 GHz carrier, necessitating extra techniques to tackle this issue
and further reducing the corresponding spur to below the desired level.
When Arip,loop is reduced to suppress this spur, the limitation on ripple
amplitude could be derived from (2.8), and the result is shown below:
Arip,loop

2 · 10(Sdly −TFloop (frip ))/20
<
.
πfosc Krip

(2.9)
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Figure 2.3: Conventional time-domain DPLL employing the TDC to quantify phase error.

From (2.9), it is observed that the tolerable ripple amplitude decreases
at higher fosc since a similar ∆trip corresponds then to larger ∆φrip and
∆φrip,out .

2.3

Spurs Due to Intermodulation Between frip and
ffrac

Conventionally, the fractional-N DPLL has been realized in the time
domain and quantizes its phase error by means of a time-to-digital converter
(TDC) [26, 27, 36–38]. As shown in Fig. 2.3, when synthesizing a fractional
channel of a fractional frequency ωfrac , the time difference presented at the
TDC input shows a sawtooth waveform at ωfrac :
∆tin,1st = TCKV · Wsawtooth (ωfrac t) ,

(2.10)

where Wsawtooth (ωfrac t) represents the sawtooth waveform with a fundamental frequency of ωfrac and a peak-to-peak amplitude of 1. Hence, the TDC
should cover at least one oscillation cycle with fine resolution and good
linearity, thereby increasing the design complexity and power consumption.
Typically, the implementation of the TDC is based on inverters. Thus, its
time resolution, tres , is sensitive to the variation on its supply voltage,
tres = tres,0 · (1 + 0.5αArip,loop sin(ωrip t)) ,

(2.11)

where tres,0 represents the nominal time resolution of TDC, and α is the
supply sensitivity of TDC resolution in V−1 . As a result, the TDC output,
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TDCOUT , is modulated by the supply ripple
∆tin,1st
TCKV · Wsawtooth (ωfrac t)
=
tres
tres,0 · (1 + 0.5αArip,loop sin(ωrip t))
TCKV · Wsawtooth (ωfrac t)
≈
(1 − 0.5αArip,loop sin(ωrip t)) . (2.12)
tres,0

TDCOUT =

The Fourier series of Wsawtooth (ωfrac t) is
Wsawtooth (ωfrac t) =

∞ 1
1 X
+
· sin(nωfrac t).
2 n=1 nπ

(2.13)

From (2.12), it is observed that the first term in (2.13) generates a DC
component corresponding to the DC value of the TDC input ∆tin . In
addition, it also generates a ωrip term, (αArip,loop TCKV )/(4tres,0 ) · sin(ωrip t),
whose effect is similar to that discussed in Section 2.2. Therefore, the first
term in (2.13) could be ignored in the following analysis. The second term
in (2.13) will generate intermodulation terms in (2.12). We will focus on
its fundamental component (n = 1) since it has the largest magnitude. By
replacing this fundamental component into (2.12), we obtain
TCKV · sin(ωfrac t)
(1 − 0.5αArip,loop sin(ωrip t))
πtres,0
TCKV
αArip,loop TCKV
=
sin(ωfrac t) +
·
πtres,0
4πtres,0

TDCOUT =

( cos[(ωrip + ωfrac )t]−cos[(ωrip −ωfrac )t]).

(2.14)

Hence, the equivalent TDC input under supply ripple, assuming a constant
time resolution of tres,0 , could be calculated as
∆tin,equ =

TCKV
sin(ωfrac t)+
π
(2.15)
αArip,loop TCKV
· ( cos[(ωrip + ωfrac )t]−cos[(ωrip −ωfrac )t]).
4π

The first term in (2.15) is solely the result of the fractional-N operation,
and is typically removed from TDCout in digital domain afterwards in order
not to affect the fractional spur level of the loop. In contrast, the second
term in (2.15) contains frequency components at the intermodulation
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Figure 2.4: Conventional time-domain DPLL employing DTC and TDC.

frequencies, frip ± ffrac , which, when located in-band, correspond to a phase
fluctuation of
∆φTDC,int =

αArip,loop
· ( cos[(ωrip + ωfrac )t]−cos[(ωrip −ωfrac )t]).
2

(2.16)

Thus, the resulting PLL output, xPLL , could be expressed as
xPLL =Aosc sin(ωosc t + ∆φTDC,int )
αArip,loop
· ( cos[(ωrip + ωfrac )t]−cos[(ωrip −ωfrac )t])).
=Aosc sin (ωosc t +
2
(2.17)
Given that αArip,loop /2 is much less than π/6, (2.17) could then be approximated as
xPLL ≈Aosc sin (ωosc t)
αArip,loop
+Aosc ·
· ( cos[(ωosc +ωint,+ )t]+cos[(ωosc −ωint,+ )t])
4
αArip,loop
−Aosc ·
· ( cos[(ωosc +ωint,− )t]+cos[(ωosc −ωint,− )t]) (2.18)
4
in which ωint,+ = ωrip + ωfrac and ωint,− = ωrip − ωfrac . Equation (2.18) shows
that the intermodulation components in ∆tin,equ would generate spurs at
frip ± ffrac with a level of 20log10 (α · Arip,loop /4) when they fall in-band.
In order to limit the TDC input range, a digital-to-time converter
(DTC) is typically inserted before it [28, 29, 33, 39, 40], as shown in Fig. 2.4.
The delay generated by the DTC compensates for the sawtooth phase error
corresponding to the synthesized fractional channel (ωfrac ). Hence, the

18

Effects of Supply Ripple on the Spectral Purity of PLL

DTC input codeword may be estimated by
nDTC =

TCKV · Wsawtooth (ωfrac t)
tst,0

(2.19)

where tst,0 is the nominal DTC time step. By virtue of the fine-resolution
DTC, the TDC should ideally see a constant input. Thus, the power consumption, linearity, and supply sensitivity of the TDC can be significantly
relaxed. However, the DTC performance becomes crucial as it needs to
cover a large dynamic range with sufficiently fine resolution. Since the
DTC delay is typically set by changing the load of an inverter [28, 41], its
time step is also sensitive to supply and can be modeled by
tst = tst,0 · (1 + 0.5βArip,loop sin(ωrip t))

(2.20)

where β is the supply sensitivity of DTC delay in V−1 . Consequently, the
DTC output delay is modulated by the supply ripple as
∆tDTC = nDTC · tst
= TCKV · Wsawtooth (ωfrac t) (1 + 0.5βArip,loop sin(ωrip t)) .

(2.21)

Note, the Fourier series of Wsawtooth (ωfrac t) is already given in (2.13).
Similar to the case of the PLL that only employs the TDC, the first term
in (2.13) now mainly corresponds to a delay offset here, which cancels with
the DC value of the delay between REF and DIV in the locking state,
and can be ignored in the following analysis. The intermodulation terms
are generated by the second term of (2.13), and we will also focus on its
fundamental component (n = 1) due to its largest magnitude. By replacing
this fundamental component into (2.21), we would obtain
1
sin(ωfrac t) · (1 + 0.5βArip,loop sin(ωrip t))
π
TCKV
βArip,loop TCKV
=
sin(ωfrac t) +
·
π
4π
( cos[(ωrip − ωfrac )t]−cos[(ωrip +ωfrac )t])

∆tDTC =TCKV ·

(2.22)

The first term in (2.22) compensates for the deterministic delay variation
between REF and DIV due to the fractional-N operation, while its second
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term contains intermodulation, potentially generating in-band spurs at the
PLL output. Following a similar analysis used for the TDC based loop
above, the phase fluctuation corresponding to the intermodulation terms
in (2.22) is
∆φDTC,int =

βArip,loop
· ( cos[(ωrip − ωfrac )t]−cos[(ωrip +ωfrac )t]).
2

(2.23)

Hence, the output signal of the PLL could be expressed as
xPLL =Aosc sin(ωosc t + ∆φDTC,int )
βArip,loop
=Aosc sin (ωosc t +
· ( cos[(ωrip − ωfrac )t]−cos[(ωrip +ωfrac )t])).
2
(2.24)
Since βArip /2 is much less than π/6, (2.24) could then be approximated as
xPLL ≈Aosc sin (ωosc t)
βArip,loop
+Aosc ·
· ( cos[(ωosc +ωint,− )t]+cos[(ωosc −ωint,− )t])
4
βArip,loop
−Aosc ·
· ( cos[(ωosc +ωint,+ )t]+cos[(ωosc −ωint,+ )t]). (2.25)
4
From (2.25), it can be concluded that the intermodulation terms in ∆tDTC
would also generate spurs at frip ± ffrac at the PLL output, and when they
fall in-band, the spur level should be 20log10 (β · Arip,loop /4).
Based on circuit-level simulations in the employed 40-nm CMOS technology node, α and β are around 1.2∼2.05 V−1 , corresponding to a spur
level of −31.8 ∼ −36.5 dBc under a 50 mVpp ripple. Considering that ffrac
is likely subject to frequent changes, a calibration of the intermodulation
terms could be unfeasible. Thus, in order to achieve the desired spur level
Sint , Arip,loop should satisfy the following requirement
Arip,loop <

4 · 10Sint /20
KPD,rip

(2.26)

where KPD,rip represents the supply sensitivity of the PD and equals to α
and β for the DPLL structure shown in Fig. 2.3 and Fig. 2.4, respectively.
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2.3.1

Effect of Higher-Order Modulation

The analysis above assumes that a first-order ∆Σ modulation is used in
the loop. Nevertheless, the conclusion of reducing the PD supply sensitivity
and the requirement on Arip,loop could also be extended to a higher-order
modulation. For a higher-order modulation, the sawtooth pattern at
the PD input would be randomized, reducing the spur level due to the
intermodulation. However, its quantization noise around frip will be downconverted by the DTC/TDC supply sensitivity, thus degrading the in-band
PN. Therefore, it is still necessary to improve the supply sensitivity of PD
and/or reduce the amplitude of the supply ripple.
Consider the loop in Fig. 2.4 as an example. Assuming the integer
divider is driven by an nth order ∆Σ modulator, then (2.21) is rewritten as
∆tDTC = TCKV · WDSM (t) (1 + 0.5βArip,loop sin(ωrip t))
βArip,loop
= TCKV · WDSM (t) +
· TCKV · WDSM (t) sin(ωrip t) (2.27)
2
in which WDSM (t) represents the waveform of the accumulated quantization
error of the ∆Σ modulator, which falls back to Wsawtooth (ωfrac t) for a firstorder modulation. The first term in (2.27) is desired as it compensates for
the deterministic time error between REF and DIV due to the modulation.
In contrast, the second term proves that under the supply ripple, the
accumulated quantization noise of the ∆Σ modulator would be scaled by
the supply sensitivity of the DTC time step and down-converted by frip .
Since the transfer function from DTCOUT to the DPLL output is low-pass
shaped, this noise down-conversion may raise the in-band phase noise of
the loop.
Converting (2.27) into the phase domain, we obtain
∆φDTC = 2π ·

∆tDTC
TCKV

= Wφ,DSM (t) +

βArip,loop
· Wφ,DSM (t) sin(ωrip t).
2

(2.28)

In (2.28), Wφ,DSM (t) = 2π · WDSM (t) is the phase error between REF and
DIV induced by the modulation, and its power spectrum density (PSD)

2.3 Spurs Due to Intermodulation Between frip and ffrac

21

could be expressed as
(2π)2 1
π∆f
Sφ,DSM (∆f ) =
·
· 2 sin
12
fref
fref

!!2(n−1)

.

(2.29)

Note that due to the accumulation of the quantization error in the loop,
the order of Sφ,DSM (∆f ) is 1 less than that of the ∆Σ modulator. The
second term in (2.28) is the product of Wφ,DSM (t) and a sinewave at frip .
Hence, its PSD could be obtained through convolving Sφ,DSM (∆f ) with the
PSD of the sinewave. Therefore, the PSD of ∆φDTC could be calculated as
(βArip,loop )2
·
16
(Sφ,DSM (∆f − frip ) + Sφ,DSM (∆f + frip )) .

S∆φDTC (∆f ) =Sφ,DSM (∆f ) +

(2.30)

As mentioned previously, the second term in (2.30) is the PSD of the
down-converted accumulated quantization noise of the ∆Σ modulator. Its
magnitude is proportional to the square of both β and the ripple amplitude,
which is easily expected from the analysis above.
To preserve the inherent phase noise performance under supply variation,
the supply sensitivity of DTC time step, β, should be limited. Given the
phase noise L(∆f ) of the PLL, we have
(βArip,loop )2
(Sφ,DSM (∆f − frip ) + Sφ,DSM (∆f + frip ))  10L(∆f )/10 .
16
(2.31)
When in-band phase noise is considered, we have ∆f  frip . Thus (2.31)
becomes
(βArip,loop )2 (2π)2 1
πfrip
·
·
· 2 sin
8
12
fref
fref

!!2(n−1)

 10L(∆f )/10 .

(2.32)

Therefore, the requirement on β is
√
2 6fref
10L(∆f )/20
β
·
πArip,loop (2 sin (πfrip /fref ))(n−1)

(2.33)

The result in (2.33) shows that the maximum β allowed is reduced for a
higher frip and would reach the minimum value when frip = 0.5fref . This
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is in accordance with the analysis above, since the quantization noise from
the ∆Σ modulator is high pass shaped and reaches its maximum value at
0.5fref . For Arip,loop = 50 mV, fref = 50 MHz and frip = fref /3, calculations
show that β  1.27 is required for an in-band PN of -100 dBc/Hz when
the second-order ∆Σ modulator is employed. If we want to limit the
PN degradation due to the intermodulation effect to 1 dB (0.5 dB), the
down-converted noise should be at least ∼ 6 dBc (∼ 10 dBc) lower than the
in-band PN. Based on (2.33), we can then calculate that β < 0.638 (0.402),
which is still much lower than the simulated value mentioned above.
Similar to the analysis in previous sections, Arip,loop could be reduced
to relax the requirement on β. From (2.32), the requirement of the ripple
amplitude for a certain β value is derived as
Arip,loop

√
10L(∆f )/20
2 6fref
·

.
πβ
(2 sin (πfrip /fref ))(n−1)

(2.34)

To limit the PN degradation within 0.5 dB, (2.34) would become
Arip,loop <

v
u
u 12fref
t

5

1
10L(∆f )/20
·
·
.
πβ (2 sin (πfrip /fref ))(n−1)

(2.35)

The analysis of the loop in Fig. 2.3 would be similar to the aforementioned discussions. At the same time, by replacing the supply sensitivity
of DTC delay (β) with the supply sensitivity of TDC resolution (α), Equations (2.31) to (2.35) remain valid.

2.4

Conclusion

This chapter analyzes the effects of the output ripple of a DC-DC
converter on the spectral purity of the PLL. The quantitative analysis
reveals that the generation of spurs at the ripple frequency due to the
oscillator supply pushing or the supply induced delay variations of loop
components in the PLL output demands either a lower ripple amplitude or
suppressed supply sensitivities of the oscillation frequency and components’
delay to meet the corresponding performance requirement. It also shows
that the supply sensitivity of the phase detector (PD) would lead to
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intermodulation between the fractional frequency and the ripple frequency,
possibly degrading the spur performance or in-band phase noise depending
on the order of ∆Σ modulation used in the loop. Similarly, this places
corresponding limitations on the ripple amplitude or the PD sensitivity in
order to meet the relevant requirement.
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Chapter

3
Analysis of LDO Efficiency

A brief analysis of a low dropout (LDO) linear regulator is presented
in this chapter1 . Based on the position of the dominant pole, LDOs
are divided into two types of typologies with very different power supply
rejection performance. For the LDO typology with the dominant pole
located at the output of the error amplifier, the limitation on its power
efficiency is derived based on the practical requirements of the oscillator and
the PLL. Based on this, different powering scenarios of a system-on-chip
are further identified and briefly discussed.

1

Part of the material in this chapter has been published in the IEEE Transactions on Circuits and
Systems I (TCAS-I) [42].
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3.1

Introduction

As already shown in Chapter 1, integrated circuits and systems powered
by batteries or energy harvesters generally need buck and/or boost switching
DC-DC converters, which transform the output levels of energy sources to
the system’s nominal supply voltage with sufficiently high efficiency [43].
However, as discussed in Chapter 2, if the DC-DC converter directly supplies
sensitive analog or RF components, such as oscillators and phase-locked
loops (PLLs), its output ripples can severely degrade their performance.
Consequently, a low dropout (LDO) linear regulator is typically inserted
after the switching converter to suppress the ripples and stabilize the supply
voltage (see Fig. 1.3). In order to provide adequate ripple suppression with
low output noise, an LDO may require additional off-chip components
and/or relatively high voltage and current overhead, thus degrading the
system power efficiency. Moreover, to isolate the sensitive oscillator from
the clocked phase detection circuitry, PLLs usually require two separate
LDOs [44], further worsening the system complexity and cost (see Fig. 3.1).
In this chapter, a brief analysis of the LDO performance is presented.
Based on the practical requirements of oscillators and PLLs, the limitation
on power efficiency of LDOs is derived, indicating the benefits of designing PLLs that could operate directly under the outputs of the DC-DC
converters.
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Figure 3.1: Conventional arrangement to power up a PLL system through the cascade of
a DC-DC converter with LDOs.
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Figure 3.2: (a) Block diagram and (b) PSR response of typical LDO topologies when VG
is tightly coupled to VDD .

3.2

LDO Topologies

The LDO shown in Fig. 3.2 (a) consists of a pass transistor (Mp ), an
error amplifier (EA), a feedback network (RF1 and RF2 ), and an accurate
voltage reference (Vref ). To suppress the ripple on VDD at the LDO output,
VOUT , the LDO operates in a feedback manner. RF1 and RF2 shift VOUT to
a proper level
VFB =

RF2
· VOUT = βF · VOUT ,
RF1 + RF2

(3.1)

where βF = RF2 /(RF1 + RF2 ) is the feedback factor of the network. VFB is
then compared with Vref through the EA. The output of EA modulates the
gate terminal of Mp , VG , such that VOUT is kept constant. In steady state,
the DC level of VOUT could be estimated as
RF1
Vref
≈ 1+
Vref =
RF2
βF
!

VOUT

(3.2)

where the DC gain of EA, AEA,0 , is assumed to be sufficiently high.
The power supply rejection (PSR) of the LDO, defined as the ratio
between the voltage fluctuation amplitude at VOUT and VDD , could be
calculated as
PSR =

∆VOUT
1 + gmp rop

=
1
∆VDD
1 + gmp rop βF AEA (s) + rop RF1 +R
+
F2

1
RL

+ sCL



(3.3)

where AEA (s) represents the gain of EA, and gmp and rop are the transconductance and output resistance of Mp , respectively. For a simple EA with

28

Analysis of LDO Efficiency

the dominant main pole at its output (ωg ), AEA (s) could be expressed as
AEA (s) =

AEA,0
.
1 + s/ωg

(3.4)

Then, (3.3) could be rewritten as
PSR =

(gmp + 1/rop ) (rop k Req ) · (1 + s/ωg )
(1 + s/ωg ) (1 + s/ωo ) + βF · gmp (rop k Req ) · AEA,0

(3.5)

where Req = (RF1 + RF2 ) k RL , and ωo = ((rop k Req ) CL )−1 is the pole
frequency at the output node. Since the gain of the output Mp stage is
AO (s) =

AO,0
gmp (rop k Req )
=
,
1 + s/ωo
1 + s/ωo

(3.6)

the PSR could be simplified as
AO (s) + Req /(rop + Req ) · 1/(1 + s/ωo )
1 + βF AO (s) AEA (s)
(gmp + 1/rop ) (rop k Req ) · (1 + s/ωg )
=
.
(1 + s/ωg ) (1 + s/ωo ) + βF · AO,0 · AEA,0

PSR =

(3.7)
(3.8)

Note that the expression in (3.7) is in accordance with the feedback theory,
and the second term in its numerator is caused by rop , which directly links
the system input (VDD ) and output (VOUT ).
In order to provide a better insight into the PSR behavior of the LDO,
it is sometimes assumed that the VDD variation is directly passed on to VG
across all frequencies (through a coupling capacitor between VG and VDD
for example) [45–47]. Under this assumption, the PSR expression becomes
PSR =

Req /(rop + Req ) · (1 + s/ωg )
.
(1 + s/ωg ) (1 + s/ωo ) + βF · AO,0 · AEA,0

(3.9)

Compared to (3.5) and (3.8), (3.9) reveals that the PSR is worsened
when VG is not perfectly coupled to VDD since gmp would inject an extra
ripple-induced current into the load impedance.
The analysis above shows that the LDO is a two-pole system with
the poles located at the LDO output (ωo ) and the output of the EA (ωg ),

3.3 Performance of LDO

29

respectively. Depending on whether ωo or ωg is the dominant pole of
the system, LDOs could be divided into two main topological types with
very different PSR performance [45–48]. For the ωo -dominant topology, a
high PSR at high frequencies is easily obtained since the output capacitor,
CL , provides a low-impedance path to ground for supply ripples with
frequencies higher than the closed-loop bandwidth (ωREG ) of the regulator
(blue curve in Fig. 3.2 (b)). For frequencies below ωREG , PSR remains flat
since the -20 dB/decade reduction in the loop gain above ωo is compensated
by the open-loop PSR improvement due to the same filtering effect of CL .
Although superior PSR performance over the entire frequency range could
be achieved by this LDO topology, the value of CL could be increased in
the µF range to guarantee the loop stability [49], leading to integration
difficulties. The ωg -dominant topology, also referred to as a ‘capacitor-less’
LDO in the literature, avoids the use of large CL , but the PSR starts
to degrade after ωg due to the roll-off in the loop gain (red curve in
Fig. 3.2 (b)) [47, 48, 50, 51]. From (3.9), the PSR of this topology would
peak to its worst value of about Req /(rop + Req ) at around ωREG . If VG is
not coupled to VDD , the level of this peak would further increase to about
gmp (rop k Req ) + Req /(rop + Req ), as can be estimated from (3.8). When
the frequency is increased beyond ωo , CL suppresses the supply ripple and
the PSR improves by 20 dB/decade. Favoring a full-system integration, the
capacitor-less LDO topology is chosen as the main focus of the following
analysis in this chapter.

3.3

Performance of LDO

The performance of the LDO could be described by a set of metrics,
including the PSR, the output noise, the dropout voltage, line and load
regulation, line and load transient response, etc. [52]. Since the power
efficiency of the system is of interest here, this chapter will mainly focus
on the PSR and the output noise requirements when powering a PLL, as
they have a direct impact on the LDO efficiency.
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PSR Requirement

When supplied by a switched-capacitor DC-DC converter, the amplitude
of the sawtooth-shaped ripple on VDD is related to both the output current
and the flying capacitor (Cfly ) of the converter. Assume that the output
current of the converter is dominated by the load current (IL ) of the LDO,
then the peak-to-peak ripple amplitude could be expressed as
Arip,saw =

IL
Cfly fSW

(3.10)

where fSW is the switching frequency of the converter and typically equals to
the ripple frequency, frip , at VDD . From (3.10), the peak-to-peak amplitude
of the fundamental component of the saw-tooth ripple is calculated as
Arip =

2Arip,saw
2IL
=
.
π
πCfly fSW

(3.11)

For oscillators, the maximum ripple amplitude on VOUT that could be
tolerated for a desired spur level due to supply pushing is given in (2.2),
which is rewritten here for convenience
Arip,osc <

4frip Sosc /20
10
.
Kpush

(3.12)

Combining (3.11) and (3.12), the required PSR of the LDO powering the
oscillator should be
PSRosc

2
2πCfly frip
10Sosc /20
Arip,osc
=
<
Arip
Iosc Kpush

(3.13)

where Iosc is the current consumption of the oscillator. Note that there is
a quadratic relation between PSRosc and frip since both the output ripple
amplitude of the converter and the filtering capability of the oscillator tank
improve simultaneously by increasing frip . However, it comes at the price
of a higher dynamic power consumption driving the converter switches,
potentially degrading the system efficiency.
For other loop components, as discussed in Section 2.2, the variation of
their output delay induced by the supply ripple also leads to spurs at frip .
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Therefore, the tolerable ripple amplitude is expressed as
Arip,loop

2 · 10(Sdly −TFloop (frip ))/20
.
<
πfosc Krip

(3.14)

Comparing (3.14) with (3.11), the PSR of the LDO powering the loop
components is calculated to be
PSRloop =

Cfly frip 10(Sdly −TFloop (frip ))/20
Arip,loop
<
.
Arip
Iloop fosc Krip

(3.15)

where Iloop is the current consumption of loop components. As expected,
PSRloop is inversely proportional to fosc since a similar delay variation
corresponds to a higher phase deviation when fosc increased.

When a fractional-N PLL is considered, the intermodulation between
ffrac and frip due to the supply sensitivity of PD is discussed in detail in
Section 2.3. For a first-order ∆Σ modulation, Equation (2.26) shows that
Arip,loop should be constrained to
4 · 10Sint /20
<
,
KPD,rip

(3.16)

2πCfly frip 10Sint /20
Arip,loop
=
<
.
Arip
KPD,rip Iloop

(3.17)

Arip,loop
leading to a PSR of
PSRloop

For a higher-order modulation, Equation (2.34), which is also repeated
below, sets the limitation on Arip,loop in order not to affect the inherent PN
of the PLL
√
2 6fref
10L(∆f )/20
Arip,loop 
·
.
(3.18)
πKPD,rip (2 sin (πfrip /fref ))(n−1)
Thus, the required PSR of the LDO becomes
PSRloop

√
Arip,loop
6fref
Cfly frip · 10L(∆f )/20
=

·
Arip
KPD,rip Iloop (2 sin (πfrip /fref ))(n−1)

(3.19)
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If the PN degradation should be within 0.5 dB, then (3.19) would become
PSRloop =

Arip,loop
<
Arip

v
u
u 3fref
t

5

·

Cfly frip
10L(∆f )/20
·
(3.20)
KPD,rip Iloop (2 sin (πfrip /fref ))(n−1)

In practical designs, the minimum value calculated through (3.15) and
(3.17) or (3.20) should be chosen as the PSR requirement of the LDO
powering the loop components.

3.3.2

Noise Requirement

Besides the PSR requirements, the output noise is also an important
performance metric of an LDO. Since this noise is applied on the supply of
the PLL circuitry, it may degrade the output PN performance of the loop.
When the oscillator is considered, similar to the case of supply ripples,
the noise on the supply would also modulate fosc . Therefore, the PN
induced by the noise on the oscillator supply can be estimated by
2
2
Kpush
vn,supo
(∆f )


Losc,sup (∆f ) = 10 log10
∆f 2




(3.21)

2
(∆f ) is the PSD of the oscillator supply noise. To preserve the
where vn,supo
inherent PN of oscillator [Losc (∆f )], especially at higher frequency offset
where the PN of the PLL is dominanted by the oscillator PN, it is required
that Losc,sup (∆f )  Losc (∆f ), leading to the following requirement
2

10−FoMosc /10  fosc 
2
vn,supo (∆f ) 
103 Posc
Kpush


(3.22)

in which FoMosc and Posc are the Figure-of-Merit and power consumption
of the oscillator respectively. To keep the noise degradation within ∼0.5 dB,
i.e. Losc,sup (∆f ) < Losc (∆f ) - 10 dB, then the oscillator supply noise should
be

2
−FoMosc /10
1
10
f
osc
2


vn,supo
(∆f ) <
·
(3.23)
3
10
10 Posc
Kpush
The expression in (3.22) and (3.23) seems to indicates that a larger supply
noise can be tolerated by the oscillator at a higher fosc . However, for the
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LC oscillator which is typically used due to its better PN performance, the
total tank capacitance (Ctot ) is composed of a variable capacitor used to
tune fosc and a voltage-dependent parasitic capacitance of the oscillator
core transistors (Cpar ). Hence, the effective value of Cpar is modulated by
the supply voltage. As fosc increases, the variable capacitance is reduced,
and Cpar becomes a bigger portion of Ctot , thereby increasing Kpush . Consequently, fosc /Kpush remain almost constant over the fosc range. Meanwhile,
the variation of the equivalent value of Cpar (Cpar,equ ) comes from the fact
that the time interval during which the transistors stay in various operating regions is altered when the oscillation amplitude varies due to the
supply ripple. When frip increases, such variations show shorter patterns.
However, the ratio of variation in each operating region to the period of the
supply ripple remains relatively constant, leading to a similar variation of
Cpar,equ . Therefore, Kpush is weakly related to frip . Based on the discussion
above, it could be concluded that (3.22) and (3.23) has provided a general
requirement on the oscillator supply noise independent of fosc and frip .
For other loop components, the output delay would also be varied by
the noise on their supply voltage, leading to extra phase deviation at the
PD input. To guarantee that the PN of the PLL is not degraded, it is
required that
2 2
Krip
vn,supc (∆f ) · (2πfosc )2  10Lloop (∆f )/10

(3.24)

2
where vn,supc
(∆f ) is the PSD of the supply noise of loop components, and
Lloop (∆f ) represents the inherent PN contributed by loop components.
Therefore, the required output noise of the corresponding LDO could be
calculated as
10Lloop (∆f )/10
2
vn,supc (∆f ) 
.
(3.25)
(2πKrip fosc )2

Superficially, Equation (3.25) seems to indicate that a lower noise level
could be tolerated at a higher fosc . However, such a conclusion fails to
take into consideration the dependence of Lloop (∆f ) on fosc . Adopting the
Figure-of-Merit of the loop components [14]
fosc
Ploop
− 10 log10
,
1 Hz
1 mW
!

FoMloop = |Lloop (∆f )| + 20 log10

!

(3.26)
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in which Ploop is the power consumption of loop components, Equation (3.25)
could be rewritten as
2

10−FoMloop /10  1 
2
vn,supc (∆f ) 
.
103 Ploop
2πKrip


(3.27)

When the noise degradation should be limited to ∼0.5 dB, i.e. the noise
2
induced by vn,supc
(∆f ) is more than 10 dB lower than Lloop (∆f ), (3.27)
becomes

2
−FoMloop /10
10
1
1
2

 .
·
(3.28)
vn,supc
(∆f ) <
10
103 Ploop
2πKrip
Since Krip is not related to frip , (3.27) and (3.28) has also set the general
requirement on the supply noise of the loop component independent of fosc
and frip .

3.3.3

Power Efficiency

The power efficiency of the LDO can be expressed as
η=

VOUT
IL
VDD − VSD
IL
·
=
·
VDD IL + IQ
VDD
IL + IF + IEA

(3.29)

where VSD is the voltage drop across the source and drain terminal of
transistor Mp , and IQ is the quiescent current of the LDO which mainly
consists of the current flowing through the feedback resistors (IF ) and
the EA (IEA ). The minimum value of VSD without degrading the LDO
performance is named the dropout voltage, VDO . Hence, the maximum
achievable power efficiency of the LDO is
ηmax

VDD − VDO
IL
VDO
=
·
≈ 1−
VDD
IL + IF + IEA
VDD

!

IF IEA
1−
−
IL
IL

!

(3.30)

in which IF and IEA is assumed to be much smaller than IL .
Several LDOs with η > 95% are reported in literature [9, 53, 54]. However, they do not meet the requirements discussed previously. Therefore,
the goal of the following section is to quantify the efficiency degradation of
the LDO while satisfying the aforementioned requirements.
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3.4

Limitation on Power Efficiency

To calculate the limitation on the power efficiency of the LDO, Section
3.3.3 reveals that its dropout voltage VDO and quiescent current IQ need
to be quantified. As will be shown later, IQ is mainly determined by the
output noise of the LDO, while VDO is related to its PSR performance.
3.4.1

Limitation Due to IF

The thermal noise generated by the resistors in the feedback network,
with a two-sided PSD of 2kT (RF1 k RF2 ), directly appears at the input
of the EA. When transferred to VOUT , its PSD is scaled by 1/βF2 at low
frequencies, resulting in
2kT (RF1 k RF2 )
RF1
=
=
2kT (RF1 + RF2 ) .
βF2
RF2
!

2
vn,OUT,R

(3.31)

This value begin to roll-off only when the frequency is increased above
ωREG . Therefore, in order not to affect the noise performance of the circuit
2
being driven, it is required that the extra output noise induced by vn,OUT,R
should be much less than the inherent noise of the circuit.
By using (3.23) and (3.31), we have
2

RF1
1 10−FoMosc /10  fosc 
2kT (RF1 + RF2 ) <
·
.
RF2
10
103 Posc
Kpush


!

(3.32)

Given that Posc = VOUT · Iosc and IF = VOUT /(RF1 + RF2 ), (3.32) can be
rewritten as
2
IF
2kT (1/βF − 1) VOUT
Kpush
> 10 ·
Iosc
10−(FoMosc +30)/10
fosc
!

!2

(3.33)

Similarly, through combining (3.28) and (3.31), it could be derived that
2
I
2kT (1/βF − 1) VOUT
2
 F  > 10 ·
(2πK
)
rip
−(FoM
+30)/10
loop
Iloop
10




(3.34)

Based on (3.33) and (3.34), it is worth to point out that the efficiency
degradation due to IF does not change with the load current for a constant
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VOUT . Indeed, when the IL increases, the noise power tolerated by the
oscillator or loop components decreases with the same ratio, requiring a
proportional increase of IF . Thus the ratio IF /IL remains constant.
When considering FoMosc = 190 dB and Kpush = 50 MHz/V for a 5 GHz
state-of-the-art LC oscillator, then (3.33) suggests IF /Iosc > ∼ 8% under
1 V VOUT . Note that βF ≈ 0.5 is used in the calculation here which sets
the input common-mode voltage of the EA to a reasonable value, i.e.
around the middle of the supply range. A higher FoMosc would degrade
the power efficiency even further. For FoMosc = 196 dB, IF /Iosc > ∼ 14%
even with βF ≈ 0.7. For other loop components, IF /Iloop < 1% even for
FoMloop ≈ 300 dB and Krip ≈ 400 ps/V. This confirms the general belief
that the oscillator is the most sensitive block to supply noise in the PLL.
3.4.2

Limitation Due to IEA

The transfer function from the input-referred noise of the EA to VOUT is
similar to that of the feedback resistors. For simplicity, the EA is assumed
to be a differential amplifier loaded by an active current mirror. Therefore,
2
the two-sided PSD of its input-referred noise, vn,IN,EA
, is expressed as [55]


2
vn,IN,EA

2

2kT γ
gm,cm  2kT γ
4kT γ 4kT γgm,cm
=2
+ 2
=
+
.
2
gm,in
gm,in
gm,cm
gm,in
gm,in

(3.35)

where gm,in and gm,cm are the transconductance of the transistors in the
input differential pair and current mirror respectively. Assuming that
2
gm,in = gm,cm , then vn,IN,EA
= 8kT γ/gm,in , and the total noise appeared on
2
VOUT due to vn,IN,EA
could be calculated as
2
vn,OUT,EA

2
vn,IN,EA
8kT γ
RF1
=
=
1
+
βF2
gm,in
RF2

!2

(3.36)

.

2
2
Similar to vn,OUT,R
, the extra noise induced by vn,OUT,EA
should be much
lower than the inherent circuit noise. Combining (3.36) with (3.23) or
(3.28), the efficiency degradation due to IEA could be calculated as

IEA
Kpush
16kT γVOUT
> 10 · −(FoM +30)/10
osc
Iosc
10
(gm,in /ID,EA ) βF2 fosc
!

!2

(3.37)
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and




I
16kT γVOUT
 EA  > 10 ·
(2πKrip )2
2
−(FoM
+30)/10
loop
Iloop
10
(gm,in /ID,EA ) βF

(3.38)

where ID,EA = IEA /2 is the drain current of the input transistors in EA.
γ is the excess noise coefficient of MOS transistors, and equals to 2/3 in
strong inversion for long channel devices. The expression in (3.37) and
(3.38) also suggest that the efficiency degradation due to IEA is constant
with respect of the load current.
For a 5 GHz LC oscillator with FoMosc = 190 dB and Kpush = 50 MHz/V
when VOUT = 1 V, the efficiency degradation calculated with (3.37) is
IEA /Iosc > ∼ 15% assuming gm,in /ID,EA = 12 and βF = 0.5. When FoMosc
is rised to 196 dB, IEA /Iosc also increases to > ∼ 30% even with βF = 0.7.
For other loop components, IEA /Iloop < 1% for FoMloop ≈ 300 dB and
Krip ≈ 400 ps/V, which is similar to the IF /Iloop result.

3.4.3

Limitation Due to VDO

When the output of EA is tightly coupled to VDD , (3.9) reveals the
existence of a PSR hump with a level of Req /(rop + Req ) around ωREG for
the ωg dominant topology (see Fig. 3.2 (b)). To limit the PSR around this
hump to a reasonable value, i.e. 0.5 for the analysis here, rop = Req ≈ RL is
required. For 1 mA IL under 1 V VOUT , rop ≈ RL = 1 kΩ. The length of Mp ,
Lp , could be determined by rop . Given that rop = 1/(λIL ) and λ = VE−1 L−1
p ,
Lp is calculated as
rop IL
VOUT
Lp =
≈
,
(3.39)
VE
VE
where the typical value of VE is 10 V/µm. For VOUT = 1 V, LP is calculated
to be 0.1µm. Note that Lp is only related to VOUT since the variation of IL
leads to similar simultaneous changes in rop and RL .
The loop gain of the LDO, LG (s), is expressed as
LG (s) = βF AO (s) AEA (s) =

βF AO,0 AEA,0
.
(1 + s/ωo ) (1 + s/ωg )

(3.40)
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Thus, its phase margin (PM) could be calculated as




ωREG 
ωREG
PM = 180◦ − tan−1 
− tan−1
.
ωg
ωo
!

(3.41)

Assuming that the non-dominant pole, ωo , is sufficiently higher than ωREG ,
then ωREG ≈ βF AO,0 AEA,0 · ωg = LGDC · ωg , where LGDC = LG (s) |s=0 is
the loop gain of LDO at DC. Hence, the PM expression in (3.41) could be
rewritten as
◦

PM = 180 − tan

−1

(LGDC ) − tan

−1

ωg
LGDC ·
.
ωo
!

(3.42)

From (3.42), the relation between ωo and ωg could be derived as
ωo =

LGDC
· ωg .
tan (180◦ − PM − tan−1 (LGDC ))

(3.43)

Note that the PSR at DC, PSRDC ≈ Req /(rop + Req ) · LGDC−1 = (2 LGDC )−1 .
Thus, LGDC = PSRDC−1 /2, and (3.43) could be expressed with PSRDC as
PSRDC−1 /2
ωo =
· ωg .
tan (180◦ − PM − tan−1 (PSRDC−1 /2))

(3.44)

For the ωg -dominant topology considered here, PSRDC is chosen to be
3 dB higher than the desired PSR of the LDO at frip , while the dominant
pole, ωg , is placed at frip . This arrangement guarantees that PSR at frip


just equals to the desired value [20 log10 |1 + j · 1|−1 ≈ -3 dB]. Note that
ωg could be placed at even lower frequencies. However, PSRDC needs to
be increased correspondingly to guarantee the desired PSR at frip , which
makes the frequency of ωo relatively constant. When the system is critically
damped (ζ ≈ 0.707 and PM ≈ 64◦ ) with a PSRDC of -43 dB, (3.44) shows
that ωo ≈ 140 ωg . With some margin, we choose ωo = 150 ωg . Considering
a 10 MHz switching frequency, ωo should be placed at 1.5 GHz, resulting in
a total output capacitance [CL in Fig. 3.2 (a)] of ∼ 210 fF.
To reduce the overdrive voltage of Mp and improve the LDO’s efficiency,
the width of Mp , Wp , should be maximized, as will be shown shortly.
Therefore, it is desired that the parasitic capacitance of Mp absorbs all
available CL . Also, any extra decoupling capacitance on VOUT would push

39

3.4 Limitation on Power Efficiency
45

0.32
W/L = 420μm/100nm

36

0.27

27

0.22

Vdsat (V)

ID/W (A/m)

W/L = 420μm/100nm

18
9

0.17
0.12

Vdsat ≈ 100mV

ID/W ≈ 2.38A/m

0
(a)

4

6

8

10
12
gm/ID (S/A)

14

16

0.07

18
(b)

4

6

8

10
12
gm/ID (S/A)

14

16

18

Figure 3.3: (a) Current density and (b) overdrive voltage of the pass transistor for different
gm /ID values.

ωo closer to ωg , potentially affecting the stability of the LDO. The parasitic
capacitance of Mp is dominated by its drain-to-bulk (CDB ) and drain-to-gate
(CDG ) capacitance. Thus,
CL = CDB + CDG = Cov Wp + 0.5Cjbd Wp E + Cjbdsw Wp ≈ 500 pF/m · Wp
(3.45)
in which Cov ≈ 50 pF/m is the overlapped capacitance per unit width,
E = 140 nm is the length of the drain area, and Cjbd ≈ 1.4 mF/m2 and
Cjbdsw ≈ 300 pF/m are the bulk-to-drain junction capacitance per unit area
(at the bottom plate) and per unit width (for sidewalls), respectively. Note
that Cov , Cjbd and Cjbdsw are all technology-dependent parameters, and
the values used here are from the 40-nm CMOS technology adopted in
following designs. Hence, the maximum width of Mp is calculated to be
Wp = 420 µm.
Fig. 3.3 (a) shows the current density for different gm /ID values for the
pass transistor Mp . With IL = 1 mA and Wp = 420 µm, a gm /ID ≈ 16 S/A
could be achieved. Consequently, Mp can operate in the weak-inversion
region with an overdrive voltage of only 100 mV, as can be gathered from
Fig. 3.3 (b). Therefore, VDO would further degrade the power efficiency of
the LDO by a factor of 0.91 under 1 V VOUT . In actual designs, absorbing
CL totally by Mp is impractical, since the contribution from other factors,
i.e. the routing parasitic and the equivalent load capacitance seen at the
supply of circuits, could not be avoided. This would lead to a smaller Wp .
Hence, as shown in Fig. 3.3, gm /ID of Mp should decrease due to a larger
current density, which in turn requires a higher VDO , further worsening

40

Analysis of LDO Efficiency

the system efficiency. It is also observed from Fig. 3.3 that the efficiency
degradation due to VDO is relatively constant for practical values. When
gm /ID varies from 14 (ID /Wp ≈ 4.1) to 18 S/A (ID /Wp ≈ 1.5), VDO only
decreases from ∼110 mV to ∼80 mV, corresponding to a power efficiency of
around 0.9 ∼ 0.925% for VOUT = 1 V.
When IL increases, RL decreases proportionally under a constant VOUT .
Hence, to keep ωo at the same frequency, CL should be increased by the same
ratio. This, in turn, leads to an increase in the width of Mp , which makes
the current density of the pass transistor relatively constant, resulting in a
similar overdrive voltage. Consequently, the power efficiency degradation
due to VDO is not a function of IL .
Summarizing all the aforementioned analysis in this section, it could
be concluded that the use of LDOs can lead to severe degradation of the
system efficiency. For the LDO powering the oscillator, which is the most
supply-sensitive block in the PLL, IF , IEA and VDO could degrade the LDO
efficiency by factors of 0.92×, 0.85× and 0.91×, respectively, leading to
a total power efficiency of ∼ 70%. When FoMosc increases, the efficiency
degradation of this LDO could be even worse. For the LDO powering the
loop components, the efficiency degradation is mainly contributed by VDO ,
and the total power efficiency is limited to around 90%.

3.5

System Level Power Management Strategy

Given the limitation on the power efficiency of LDOs, it could be
beneficial to remove them from the power management unit (PMU) of
the system, especially in a portable device. In this section, some further
discussion on this issue will be provided. To simplify the discussion, all
system modules are assumed to be located in the same voltage domain,
while the different voltage domains in a real system are generally powered
through different sets of voltage regulators [6, 7].
As a starting point of this discussion, it is worth to point out that
a DC-DC converter is always needed in the PMU design. As shown in
Fig. 3.1, the voltage level available from the energy source, VES , may be
much higher than the nominal supply voltage of the system. Then, if the
LDOs are directly connected to VES without using a switching converter
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Figure 3.4: Reverse isolation of the LDO.

and generate the nominal supply of the system, their large voltage drop
would cause severe degradation of the system power efficiency. For example,
VES ≈ 3.3 V for batteries while the nominal supply voltage of the 40-nm
CMOS technology could be as low as 1.0 V. Thus, the 2.3 V voltage drop
of the LDOs already limits the system efficiency to < 45%. Therefore, a
DC-DC converter is needed in the PMU to first convert VES to the desired
voltage level with high efficiency.

3.5.1

Reverse Isolation of LDO and DC-DC Converter

In a complex system-on-chip (SoC), noise may be coupled to the output
of the LDO due to the activities of other aggressor modules. Its side effects
on both the input and output of the LDO are investigated here.
Figure 3.4 shows the equivalent model of the LDO with a noise current,
in , injected at its output. Rs represents the output resistance of its energy
source, i.e. a DC-DC converter in this case, while ZL represents the load
impedance driven by the LDO. Thus, the transfer function from in to the
LDO input (in,in ) could be calculated as
in,in
βF gmp (rop k ZL ) AEA (s) + ZL /(rop + ZL )
=
. (3.46)
in
1 + Rs (1 + gmp rop ) /(rop + ZL ) + βF gmp (rop k ZL ) AEA (s)
Replacing ZL with the parallel combination of Req and CL , (3.46) would
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then become
in,in
βF AO (s) AEA (s) + Req /(rop + Req ) · 1/(1 + s/ωo )
=
1+s/ωL
mp rop
in
1 + Rs · 1+g
rop +Req · 1+s/ωo + βF AO (s) AEA (s)
≈

LG (s) + Req /(rop + Req ) · 1/(1 + s/ωo )
1 + gmp Rs ·

rop
rop +Req

·

1+s/ωL
1+s/ωo

+ LG (s)

(3.47)
(3.48)

where ωL = (Req CL )−1 . Note that the loop gain LG (s) = βF AO (s) AEA (s)
is much larger than 1 for frequencies below the dominant pole, while
gmp Rs · rop /(rop + Req )  1 since gmp is in the 10 mS range. Hence, at
low frequencies, (3.48) could be approximated as in,in /in ≈ 1, indicating
that the injected current noise directly appears at the LDO input, which
is then converted into voltage noise (vn,in ) through Rs . Consequently, it
is critical to minimize Rs to avoid the propagation of the injected noise
to other blocks powered by the same converter. When the frequency is
increased above the dominant pole, LG (s) starts to drop, and in,in begins
to be notably filtered around ωREG .
On the other hand, the current noise flowing into ZL (in,out ) due to in
could be expressed as
1 + [Rs (1 + gmp rop ) − ZL ] /(rop + ZL )
in,out
=
.
in
1 + Rs (1 + gmp rop ) /(rop + ZL ) + βF gmp (rop k ZL ) AEA (s)
(3.49)
For ZL = Req k CL , (3.49) becomes
Req
1+s/ωL
1
mp rop
1 + Rs · 1+g
in,out
rop +Req · 1+s/ωo − rop +Req · 1+s/ωo
=
1+s/ωL
mp rop
in
1 + Rs · 1+g
rop +Req · 1+s/ωo + βF AO (s) AEA (s)

≈

Req
rop
1+s/ωL
1
rop +Req · 1+s/ωo − rop +Req · 1+s/ωo
.
1+s/ωL
op
gmp Rs · ropr+R
·
+
LG
(s)
1+s/ωo
eq

1 + gmp Rs ·
1+

(3.50)

(3.51)

Similarly, at frequencies lower than the dominant pole, (3.51) could be
simplified to
in,out
1 − Req /(rop + Req ) rop /(rop + Req )
≈
=
.
in
LGDC
LGDC

(3.52)

Equation (3.52) reveals that the LDO attenuates any noise injected at
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Figure 3.5: Reverse isolation of the switched-capacitor DC-DC converter.

VDC-DC
RS
in,in/in (dB)

5
its output by the in,in
loopvn,in
gain. For frequencies
higher than the dominant
0
-5
-10
pole, in,out /in increases due to the reduction
of the loop gain and begins
-15
AEA(s)
Mp
-20
to saturate at around ωREG . However,
when the output voltage noise
-25
10
(vn,out ) is considered, its amplitude rolls off at ∼ 20 dB/decade after the
non-dominant pole since CL provides a low impedance path to ground for
vn,out .

Similar analysis has also been done for a switched-capacitor DC-DC
converter. Figure 3.5 shows the equivalent model of the converter, in which
conversion ratio (CR) is the ratio between the output and input voltage of
the converter. Rs is the equivalent output resistance of the energy source
VES , while Rout represents the output resistance of the converter. When in
is injected at its output, the current noise that reaches the input (in,in ) is
calculated as
in,in
RL · CR
=
.
(3.53)
in
RL + Rout + Rs · CR2
Typically, RL  Rout + Rs · CR2 , (3.53) can then be simplified to in,in /in ≈
CR at low frequencies. For the buck converter considered here, its output
voltage is lower than the input, resulting in CR < 1. Hence, in contrast to
the LDO structure, the injected current noise at the converter output is
firstly attenuated by CR when referred to the input, and then be converted
into voltage noise vn,in through Rs . As a result, for a similar small Rs ,
the (buck) converter provides a slightly better isolation when compared to
the LDO. When the frequency is increased, in,in would be further filtered,
which is also shown in Fig. 3.5.




The current noise flowing into the load of the converter (in,out ) due to
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in is also calculated as
in,in
Rout + Rs · CR2
in,out
=1−
=
.
in
CR · in
RL + Rout + Rs · CR2

(3.54)

Eq. (3.54) could be simplified to in,out /in ≈ Rout /RL 2 , indicating that the
output current noise is also reduced by the converter at low frequencies.
However, compared to that of the LDO where the output current noise
is reduced by the loop gain, the attenuation could be smaller. When the
frequency is increased, the current noise flowing into the load resistance is
also filtered (see Fig. 3.5).
3.5.2

Power Management Strategy for SoC

With the insight gained from the analysis above, the arrangement of
the PMU for a complex RF SoC is considered here. Depending on whether
the LDOs are used and how the LDOs or converters are shared between
blocks, four different scenarios are identified (see Fig. 3.6). As shown in
Fig. 3.6 (a) and (b), the conventional approach of cascading LDOs with the
DC-DC converter is adopted in the first two scenarios, while the converter
outputs directly power the system in the last two scenarios (see Fig. 3.6 (c)
and (d)).
For the first two scenarios, the main difference lies in whether the LDO
is shared between different blocks. Here, the SoC is assumed to consist
2

Note that the higher value (i.e., ∼ −17dB) at very low frequency shown in Fig. 3.5 is incurred by
the interleaving technique. As mentioned in Section 4.6, interleaving is typically adopted in the
switched-capacitor DC-DC converter design to reduce the switching losses.
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only two modules (module A and B) for simplicity with the performance
of module A being affected by the disturbance injected by module B in
the following analysis. In scenario 1, both modules are supplied by the
same LDO (see Fig. 3.6 (a)). Thus, when module B injects a current noise
(in,B ) to the LDO output, the amount of noise that reaches the supply of
module A (in,A ) is governed by (3.49)∼(3.52). After being multiplied by the
corresponding load impedance ZL , the voltage noise at the supply of module
A (vn,A ) could be obtained. As discussed previously, in,A is suppressed by
LGDC of the LDO at low frequencies (vn,A ≈ rop Req /(rop + Req ) /LGDC ),
guaranteeing the isolation between the two modules. However, when the
frequency increases beyond the dominant pole (ωg in Fig. 3.2 (a)) of the
LDO, in,A and, correspondingly, vn,A in this scenario deteriorate due to the
roll-off of the loop gain, and it is not until around the non-dominant pole
(ωo in Fig. 3.2 (a)) of the LDO that vn,A starts to be filtered again due to
the reduction in load impedance. Hence, the isolation between module A
and B is not satisfying at higher frequencies in this scenario. To overcome
this problem, as shown in Fig. 3.6 (b), two different LDOs, LDOA and
LDOB , are used to power module A and B, respectively. To simplify the
discussion, it is assumed that the pole locations of both LDOs are the same.
The LDOs are connected to a DC-DC converter with an equivalent output
resistance of Rs . In this scenario, the current noise injected at the output
of LDOB , in,B , by module B directly appears at its input (in,DC−DC ) at low
frequencies, which is further converted into the voltage noise, vn,DC−DC ,
through Rs . vn,DC−DC is then transferred to the output of LDOA after
being attenuated by its PSR, PSRA , generating the supply noise of module
A (vn,A ). Therefore, vn,A = Rs · PSRA · in,B ≈ Rs Req /(rop + Req ) /LGDC
at frequencies lower than the dominant pole of the LDOs, avoiding the
possible performance degradation of module A. When the frequency is
increased above the dominant pole, PSRA will start to degrade. However, a
small Rs (i.e., Rs  rop ) would absorb most of the noise and still guarantees
good isolation between the two modules. When the frequency is further
increased beyond ∼ ωREG , in,DC−DC will be suppressed while PSRA will also
start rolling off again after the non-dominant pole. Both phenomena help
to improve the isolation between the two modules at high frequencies.
As already mentioned, it is desired to design the PMU without LDOs
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for better system efficiency. In this case, similar to when the LDOs are
used, two scenarios are also possible depending on whether the DC-DC
converter is shared between different modules (see Fig. 3.6 (c) and (d)).
As shown in Fig. 3.6 (c), both module A and B are powered by the same
converter in scenario 3. Thus, as can be gathered from (3.54), the current
noise injected by module B (in,B ) is attenuated by Rout /RL before reaching
the supply of module A at low frequencies, generating vn,A = Rout · in,B . In
order to provide a better isolation between the two modules, scenario 3 is
further modified to that shown in Fig. 3.6 (d), where modules A and B are
powered by two separate DC-DC converters, ConverterA and ConverterB ,
respectively. Therefore, based on previous discussions, the current noise
injected by module B (in,B ) is attenuated by the CR of ConverterB , CRB ,
at low frequencies when referred to its input (in,ES ). in,ES is then converted
into the voltage noise, vn,ES , through the equivalent resistance seen at the
output of the energy source (Rs in Fig. 3.6 (d)). Finally, vn,ES is scaled by
the CR of ConverterA , CRA , to generate the noise on the supply of module
A, leading to vn,A = Rs · CRA · CRB · in,B . Assuming that the supply voltage
of the two modules in the same SoC is similar, then CRA = CRB = CR, and
the supply noise of module A could be simplified as vn,A = Rs · CR2 · in,B .
Since Rs is generally very small, vn,A is largely suppressed compared to the
previous scenario. At higher frequencies, vn,A would be further filtered by
the two converters (please refer to Fig. 3.5), leading to improved isolation
between module A and B.
Now, let us compare the arrangement in Fig. 3.6 (d) to that in Fig. 3.6 (b).
Although in both cases the small Rs helps to suppress the noise seen
by module A, scenario 2 could have a higher degree of isolation at low
frequencies due to the term PSRA . Consequently, besides suppressing the
effect of the supply ripples (please refer to Chapter 2), module A (and B),
if sensitive to the coupled noise, should also be designed using techniques
that reduce the effect of the supply noise, providing an equivalent ‘PSR’.
Assuming similar ‘PSR’ and Rs values for both scenarios, the arrangement
in scenario 4 could offer a slightly better isolation performance than that
in scenario 2 due to the CR2 factor3 . Without the equivalent ‘PSR’,
3

ConverterA,B are considered to be buck converters with CR < 1 here. For an energy harvester, its
output level, which is typically lower than the nominal supply of the SoC, would fluctuate due to the
environment in which it operates. Hence, the output of the energy harvester is typically stored in some
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the corresponding module itself should have sufficient tolerance to the
possible coupled noise. It is also obvious that for both scenarios, the small
equivalent resistance Rs at the output of the converter/energy source could
play a critical role of absorbing most of the noise interference injected by
the aggressor module and guaranteeing good isolation between different
modules at higher frequencies. Therefore, it could be concluded that by
carefully dividing the system into different modules with proper design
techniques, and directly powering each module with a dedicated DC-DC
converter, the efficiency degradation due to LDOs could be avoided while
the good isolation between different modules is still guaranteed. Such a
powering scheme is also beneficial in terms of the supply noise from the
PMU components. The relatively large flying capacitor (Cfly ) used by the
switched-capacitor DC-DC converter guarantees its low output noise, which
is generally much smaller than that of the LDO [42]. However, as already
mentioned above, all modules in the system now need to adopt circuit
or system level techniques to suppress the effects of the ripples and/or
noise on the supply. The rest of this thesis will focus on the design of
frequency synthesizers, and techniques that enable the direct operation
of a fractional-N DPLL from a switched-capacitor DC-DC converter are
proposed and verified.
To end the discussion in this section, it is also worth to point out that
the total power efficiency and silicon cost of the converters in Fig. 3.6 (d) are
similar to those in Fig. 3.6 (c). For a switched-capacitor DC-DC converter,
the silicon area it occupies is typically dominated by its Cfly . The total
capacitance of Cfly needed in scenario 4 is identical to that in scenario 3,
although it shows that more DC-DC converters should be used in scenario 4.
As shown in (3.10) and (3.11), the amplitude of the ripple at the converter
output is proportional to the current drawn by its load. Hence, in scenario
3, the total amount of flying capacitance needed is calculated as Cfly,S3 =
IL,tot /(2Arip,saw fSW ), where IL,tot is the total current drawn by the system.
On the other hand, the system is divided into m modules in scenario 4, each
providing a current of IL,i . Therefore, the converter powering the ith module,
Converteri , requires a flying capacitance of Cfly,i,S4 = IL,i /(2Arip,saw fSW ),
energy storage elements (i.e., supercapacitors or batteries) first, which is also responsible for providing
higher VES . Then, buck converters (ConverterA,B ) could follow to further convert VES to the desired
supply voltage.
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resulting in a total amount of
Since IL,tot =

m
X
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m
m
X
X
Cfly,S4 = Cfly,i,S4 =  IL,i  /(2Arip,saw fSW ).
i=1
i=1

IL,i , we have Cfly,S3 = Cfly,S4 . Hence, when powering the

i=1

same system with similar requirement on ripple amplitude, the total flying
capacitance needed in Fig. 3.6 (d) equals that in Fig. 3.6 (c), occupying
similar area on chip. As to the power efficiency, it is already calculated
in [42] and [56] (see also Section 4.6) that the power loss of the switchedcapacitor based converter in scenario 3 could be expressed as
2
2
PLOSS,S3 = nCg Vsw
fSW + RS IL,tot

(3.55)

where n is the number of switches operating at fSW with a clock voltage
swing of Vsw , Cg is the equivalent gate capacitance of each switch and RS
is the equivalent output resistance of the converter. Since the ith converter
(Converteri ) in scenario 4 only needs to provide a portion of the total load
current, i.e., IL,i = ai IL,tot , the width of all its switches would be scaled
down by ai [42]. Thus, the power loss of Converteri in scenario 4 becomes
2
2
2
PLOSS,i,S4 = nCg,i Vsw
fSW + RS,i IL,i
= n (ai Cg ) Vsw
fSW +

RS
(ai IL,tot )2
ai

= ai PLOSS,S3 .
Therefore, the total 
power loss of converters in scenario 4 is PLOSS,S4 =
m
X

PLOSS,i,S4 = 

i=1

m
X

ai  PLOSS,S3 . Obviously,

i=1

m
X

ai = 1, leading to the ex-

i=1

pected result of PLOSS,S3 = PLOSS,S4 , which proves the claim that the total
power efficiency, POUT /(POUT + PLOSS ), of converters in scenario 4 is not
affected compared to that in scenario 3. Note that the conclusions above
are obtained assuming that all converters in scenario 4 are optimized for the
most stringent Arip,saw requirement imposed by each block, which should
also be met by the converter in scenario 3. Furthermore, scenario 4 also
provides the flexibility to optimize a specific converter based on the ripple
requirement of the block it powers.

3.6

Conclusion

3.6 Conclusion
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This chapter focuses on the analysis of power efficiency of the LDOs
powering the PLL. To achieve full-system integration, the LDO topology
with its dominant pole located at the error amplifier output is selected, and
the results show a ∼0.9× efficiency degradation due to the dropout voltage
required by the PSR performance. For the LDO powering the oscillator,
the increased quiescent current needed to suppress the supply noise could
further degrade the system efficiency by ∼0.7–0.8×. A brief discussion of
four different SoC powering scenarios are also provided at the end of the
chapter.
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Chapter

4
Supply Pushing Reduction Technique
for LC Oscillators

This chapter proposes a method to suppress supply pushing of an
LC oscillator such that it may directly operate from a switched-mode
DC-DC converter generating fairly large ripples1 . A ripple replication
block generates an amplified ripple replica at the gate terminal of the
tail current source to stabilize the oscillator’s tail current and thus its
oscillating amplitude. The parasitic capacitance of the active devices
and correspondingly the oscillation frequency are stabilized in turn. A
calibration loop is also integrated on-chip to automatically set the optimum
replication gain that minimizes the variation of the oscillation amplitude.
A 4.9–5.6 GHz oscillator is realized in 40-nm CMOS and occupies 0.23 mm2
while consuming 0.8–1.3 mW across the tuning range (TR). The supply
pushing is improved to <1 MHz/V resulting in a low <−49 dBc spur due to
0.5–12 MHz sinusoidal supply ripples as large as 50 mVpp . The effectiveness
of the proposed technique is also experimentally verified in face of saw-tooth,
multi-tone and modulated supply ripples. To further verify the proposed
1

Material of this chapter has been published in the IEEE Journal of Solid-State Circuits [57].
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technique under realistic scenarios, a 3-stage recursive switched-capacitor
DC-DC converter with two conversion ratio options per stage is proposed
to power the LC oscillator directly. Both are fabricated in 40-nm CMOS.
The measured phase noise of the oscillator is not degraded, while <−65 dBc
spur is achieved under the 30 mVpp ripple of the converter.

4.1 Introduction

4.1
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Introduction

As discussed in Chapter 3, it is beneficial to power the integrated
electronic devices directly by the switched-capacitor DC-DC converters
and avoid the efficiency degradation of the LDOs. However, as shown
in Section 2.1, the output ripples of the converter would generate spurs
around the oscillation frequency when an LC-tank oscillator is connected
directly without using an LDO.
In order to suppress these spurs, the supply sensitivity of the oscillator
needs to be reduced. Several techniques have already been proposed in
literature to reduce supply pushing of the oscillator [58–61]. In [58], the
oscillator is deliberately biased at the point of lowest sensitivity. The sharp
slope of frequency vs. current curve around this optimum point makes this
approach only practical for tiny ripples (i.e. 1 mV in [58]). In [59, 60], two
constant-gm bias circuits with different current sensitivities to supply are
employed in a ring oscillator (RO) to generate a more stabilized current
under supply variations. Furthermore in [60], a calibration loop was
added to obtain a more accurate current sensitivity ratio between the two
constant-gm stages. However, the spur level improvement is limited to
∼10 dBc for low ripple frequencies (frip < 1 MHz) and gets even worse when
frip increases [60]. Moreover, even when applied to an LC oscillator, the
mismatches in the current mirroring ratios limit the spur level to no better
than −35 dBc under a 50 mVpp ripple.
There are also some frequency compensation techniques based on a
PLL [62–67]. In [62], the PLL loop needs to be periodically opened for
calibration. In [63], a test signal that is slow enough compared to the
PLL bandwidth is applied on the supply of a ring oscillator, but this could
lead to a long calibration time of more than hundreds of microseconds.
Moreover, unlike in a ring oscillator [62, 63], it is difficult to modulate the
supply of an LC oscillator. For [64] and [65], frip should be limited to less
than 1 MHz for the techniques to be effective. This limitation is mainly a
result of the finite bandwidth of the sub-sampling phase detector in the
loop [64] or measuring the frequency deviation with a counter [65]. In [66],
the supply induced frequency variation is compensated by adding a replica
generation block to the reference path. However, the additional block is
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bulky and power-hungry, while the PLL bandwidth may also restrict the
maximum ripple frequency that can be handled. A noise suppression loop
was implemented in [67]. It detects the ripple-induced frequency variation
by comparing the inverter delay in an RO with a voltage-controlled delay
cell, and corrects it through a feedback control. However, for LC oscillators
that do not provide multiple phases, the delay cell should cover the full
oscillation period, thus increasing its power and area consumption.
This chapter proposes a feed-forward supply ripple replication and
cancellation technique wholly contained within an LC oscillator in order
to make it practically insensitive to supply ripples of switching DC-DC
converters. The proposed technique manipulates the gate voltage of customarily used tail current transistor and does not require any extra voltage
headroom. The chapter is organized as follows. Section 4.2 discusses
operating principles of the proposed technique, while detailed circuit design
is given in Section 4.3. Measurement results are disclosed in Section 4.4.

4.2

Feed-forward Ripple Replication and Cancellation

As argued above, the supply pushing of LC-tank oscillators, even those
at state-of-the-art, needs to be substantially reduced to allow them to
operate directly from DC-DC converters, which naturally contain high
level of ripples. In this section, the operating principle of the proposed
supply pushing reduction technique based on the ripple replication and
cancellation will be elaborated.
4.2.1

Mechanism of Supply Pushing

The variation of oscillating frequency fosc with the supply voltage,
VDD , is mainly caused by the variation of parasitic capacitances seen by
the resonant tank [68]. The cross-coupled transistors provide a negative
transconductance to sustain the oscillation and will experience cut-off,
saturation and triode operating regions during each oscillation cycle. When
VDD varies, the tail current, I0 , and the corresponding oscillation amplitude,
Vosc , will also vary. Thus it will change the time interval during which
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Figure 4.1: (a) Schematic and (b) block diagram of an LC oscillator with amplitude
tracking loop.

the transistors stay in each operating region. Since the gate capacitance
of MOS transistors shows nonlinear dependence on the voltages at their
terminals (i.e. Vgs and Vds ), the change in their operating states would
vary the equivalent parasitic capacitance, Cpar,equ [69]. Thus, the oscillating
frequency will be pushed. If a periodical ripple is on VDD , I0 and Vosc will
also show periodical variations. Therefore, the change of Cpar,equ will also
be periodical and could manifest itself as large spurs in the output spectrum
of the oscillator. To be able to obtain a clean output spectrum when VDD
contains ripples, I0 and Vosc should be stabilized under VDD variations.
4.2.2

Amplitude Tracking Loop

Conventional solutions to stabilize the oscillating amplitude of an LC
oscillator resort to employing an amplitude tracking loop across PVT
variations [70] and to bias the oscillator at the optimum operational point
[best figure-of-merit (FoM)] [71]. It is instructive to examine this loop for
stabilizing I0 and Vosc under supply ripples.
Fig. 4.1 (a) shows the schematic of an LC oscillator with amplitude
tracking loop. The tail current source transistor, M0 is PMOS, which
is fairly robust to (local) ground induced perturbations. Replacing M0
with an NMOS transistor will not help much as its Vgs will be now very
sensitive to local ground perturbations and its I0 sensitivity to VDD will
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still be felt through the M0 ’s channel length modulation. The loop first
detects the oscillation amplitude, and then compares it with the reference
value Vref . The comparison outcome will adjust I0 by varying the gate bias
voltage Vb0 of M0 . This feedback loop will keep on working to fix Vosc at
the level corresponding to Vref . When I0 , and correspondingly Vosc , are
modulated by the supply ripple, Vb0 will be modulated in reaction through
the amplitude tracking loop. As a result, the variation of I0 and Vosc will
be reduced by an amount equal to the loop gain of the amplitude tracking
loop, thus reducing the variation of oscillating frequency.
Unfortunately, this method is limited by the pole from the resonance
tank. When the supply varies, I0 will follow almost immediately. However,
due to a ‘memory’ of the tank, there is a time delay, 2Q/ωosc , between the
variation of the current flowing through the tank and the subsequent effect
on the oscillation amplitude across the tank, as shown in Fig. 4.1 (a) [70].
Such a time delay creates an additional low-frequency pole located at
ωosc /(2Q) and will limit the bandwidth of the amplitude tracking loop [see
Fig. 4.1 (b)] [72]. This bandwidth limitation could limit the spur level that
can be reached with this method. To alleviate this limitation, the pole at
the output of the amplifier must be pushed to a very high frequency, since
the pole related to the tank is almost fixed. However, this may lead to a
significant increase in the current consumption of the loop.
4.2.3

Proposed Technique

In this section, a feed-forward supply pushing reduction technique for
LC oscillators that entirely avoids the use of the amplitude tracking loop
around the oscillator core is proposed. Fig. 4.2 (a) illustrates its principle.
To stabilize I0 , and thus Vosc , in face of VDD variations, a replica of the
supply ripple is applied to the gate of PMOS current source M0 to stabilize
its Vgs . As a result, the variation of I0 and Vosc would be largely suppressed.
If M0 is an ideal device, whose drain current is solely controlled by its
Vgs according to the square law, then an exact copy of the supply ripple
waveform is required at its gate terminal Vb0 to keep I0 and Vosc constant. As
shown in Fig. 4.2 (b), the variations of I0 and Vosc do get largely suppressed
when the waveform applied at Vb0 is the same as that of the supply ripple
(gain, G = 1). Hence, the frequency variations due to the supply voltage are
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Figure 4.2: (a) Conceptual block diagram of the proposed supply pushing reduction
technique with the equivalent model to estimate the optimum gain (Gopt ) of the ripple
replication block, and (b) simulation results of an LC oscillator with the proposed
technique.

largely reduced, resulting in a much lower supply pushing of the oscillator.
However, for nanoscale CMOS technologies, the channel-length modulation
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Figure 4.3: Simulated transfer function of the supply noise to phase noise of the oscillator
with/without the proposed supply pushing reduction technique.

effect is not negligible. This means that the drain current of M0 also
depends on its Vds . Thus the waveform at Vb0 should be an amplified
replica of the supply ripple to compensate for the residue current variation
due to the variation of Vds of M0 . Fig. 4.2 (a) also shows the equivalent
model to estimate the optimum gain (Gopt ). Based on this model, the
supply variation, ∆VDD , induced tail current variation, ∆I0,VDD , could be
calculated as
1 + gm0 · ro0
∆I0,VDD ≈
∆VDD
(4.1)
ro0 + Zeq
while the tail current variation induced by ∆Vb0 = G · ∆VDD is
∆I0,Vb0 ≈ −

gm0 · ro0
∆Vb0
ro0 + Zeq

(4.2)

where Zeq is the large-signal equivalent impedance of the cross-coupled
transistors M1−4 and the tank that is seen by M0 , while gm0 and ro0 are
the effective transconductance and output resistance of M0 , respectively.
To compensate for the tail current variation due to Vds , the magnitudes of
(4.1) and (4.2) should be equal. Hence, Gopt is calculated as
Gopt ≈ 1 +

1
.
gm0 · ro0

(4.3)

Since gm0 · ro0 is relatively large (e.g. >10), Gopt is slightly higher than 1.
Fig. 4.2 (b) also shows that I0 and Vosc are further stabilized (i.e. ∼10×
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Figure 4.4: Operating principle of the calibration loop based on oscillation amplitude
variation (∆Vamp ).

smaller variations compared to G = 1 case) under supply variations when
G ≈ Gopt , thus the supply pushing of the oscillator becomes much lower. It
also translates into a significant reduction in the thermal noise of supply
to phase noise (PN) conversion as can be gathered from Fig. 4.3.
The similar feed-forward principle was applied to LDOs in order to
improve their PSR at several megahertzs of ripple frequencies [47, 49, 73].
However, they lack a reliable calibration for the optimum gain, which will
be proposed later. Also, they still tend to use large off-chip capacitors [49]
or extra on-chip capacitance occupying large silicon area [47]. When the
LDO is integrated with a current-biased oscillator, the pass transistor
should be placed above the tail current source M0 , thus consuming extra
voltage headroom. Merging the pass transistor with M0 would reclaim
this headroom, but the oscillator becomes voltage-biased, whose current
is poorly controlled over PVT variations. Also, higher supply sensitivity
of a voltage-biased oscillator would place higher demands on the PSR
performance of the LDO, resulting in large power and area overhead [74].
The amplified supply ripple replica at Vb0 is generated by the proposed
ripple replication block (RRB). As can be gathered from (4.3), the optimum
gain is prone to PVT variations. Therefore, a calibration loop is also
integrated on-die, as indicated in Fig. 4.2 (a). The calibration scheme is
based on measuring the variation of the oscillation amplitude, ∆Vamp , in
response to the VDD perturbations. Fig. 4.4 shows the operating principle.
When G < Gopt (case A), ∆I0,Vbo is smaller than ∆I0,VDD , so ∆Vamp is in
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phase with ∆VDD and decreases in magnitude as G gets closer to Gopt .
However, when G > Gopt (case B), ∆I0,Vb0 becomes larger than ∆I0,VDD .
Then, ∆Vamp is out of phase with ∆VDD , and its magnitude increases
again with the increase of G. At the optimum point, G = Gopt , and ideally
a constant oscillation amplitude is maintained under supply variations.
Thus, the calibration loop measures ∆Vamp under different gain settings to
calculate the optimum operating point for the oscillator circuit.

4.3

Circuit Implementation

This section discusses the detailed circuit realization of a 5 GHz LC oscillator with the proposed feed-forward supply pushing reduction technique
and the on-chip calibration loop.
4.3.1

Ripple Replication Block

Fig. 4.5 shows the schematic of the implemented LC oscillator with
the RRB. Here, the complementary cross-coupled oscillator structure is
chosen due to its lower power consumption compared to its NMOS- and
PMOS-only counterparts at the same VDD and equivalent parallel resistance
of the tank [75].
The RRB is proposed to bias the gate terminal of tail current source of
the LC oscillator. To generate the required replica with the desired gain
larger than 1, the ripple replication block is logically divided into two parts.
The first part (dashed grey box in Fig. 4.5) contains a diode-connected
PMOS transistor, Mb0 , in series with two cascode NMOS transistors, Mb1,2 .
Due to the high output impedance of the cascode, Mb0 just ’replicates’ the
supply ripple to Vb0 with a fixed gain of 1. Thus, the first term on the
right hand side of (4.3) is covered by this part. To boost the gain above
1, the fractional part (dashed blue box in Fig. 4.5) is introduced to inject
some extra current proportional to VDD into the cascode node, Vinj . To
digitally control the fractional gain, current sources Mpk (k = 0, 1, . . . , n)
are individually turned on/off by switch transistors Msk (k = 0, 1, . . . , n)
according to the digital code St generated by the calibration loop. The
fractional part thus provides an adjustable transconductance between VDD
and Vinj . The ultimate gain G provided by the ripple replication block is
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M4

Figure 4.5: Schematic of the implemented LC oscillator with the RRB.

calculated as
G=a+b·

gm,f
gm,b0

(4.4)

where gm,f and gm,b0 are the total equivalent transconductance of the fractional part and the transconductance of Mb0 , respectively. The coefficients
a and b in (4.4) are determined by
(1 + gm,b0 · ro,b0 )(ro,b1 + ro,b2 + gm,b1 · ro,b1 · ro,b2 )
(1 + gm,b0 · ro,b0 )(ro,b1 + ro,b2 + gm,b1 · ro,b1 · ro,b2 ) + ro,b0


gm,b0 · ro,b0 (1 + gm,b1 · ro,b1 )ro,b2




b =
(1 + gm,b0 · ro,b0 )(ro,b1 + ro,b2 + gm,b1 · ro,b1 · ro,b2 ) + ro,b0






a


=

(4.5)

where gm,bi and ro,bi are the transcoductance and output resistance of Mbi ,
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respectively. Given that gm,bi · ro,bi  1, the gain G could be approximated
as
gm,f
G≈1+
(4.6)
gm,b0
Since Gopt is only slightly larger than 1, the required gm,f should be much
smaller than gm,b0 . Therefore, the total current injected into Vinj is much
smaller than the current consumed by Mb0 , and would not lead to a large
variation of the operating point of the LC oscillator. In practice, the gain
provided by the integer part is slightly lower than 1 due to the finite output
impedance of the cascode transistors [as can be gathered from (4.4) and
(4.5)]. Furthermore, for designs with lower VDD , the cascode transistor Mb1
could be removed which would further reduce the gain of the integer part.
However, any reasonable (i.e., ∼5%) integer gain degradation can be easily
covered by the fractional part.
4.3.1.1

Bandwidth and Power Consumption Trade-off

The required bandwidth of the ripple replication block is determined
by the maximum spur level allowed at the highest ripple frequency.
Assuming a phase shift of θ between the supply ripple at oscillator’s
VDD , which is 0.5 · Arip cos(2πfrip t), and the generated replica at Vb0 at the
optimum gain, the tail transistor M0 would experience an effective supply
variation of
θ
θ
= −Arip · sin
· sin 2πfrip t −
,
2
2
!

Vrip,eff

!

(4.7)

where Arip is the peak-to-peak amplitude of the supply ripple. Therefore,
the spur level in the output spectrum of the oscillator could be calculated
as
 

θ
K
·
A
·
sin
push
rip
2 

.
(4.8)
Sspur−carrier = 20 · log10
2frip
To guarantee <−50 dBc spur level at frip = 20 MHz, which is the highest
ripple frequency considered in this implementation, the maximum tolerable
θ is calculated to be ∼3◦ under 50 mVpp ripple and Kpush ≈ 100 MHz/V.
In the frequency range of interest, the ripple replication block may
be approximated as a single-pole system, with the pole located at ωp =
gm,b0 /CL , where CL is the capacitive load at Vb0 . Thus, to obtain ∼3◦ phase
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shift at 20 MHz, ωp ≈ 400 MHz is required. Considering ∼800 fF load, the
calculated gm,b0 should be about 2.0 mS. With gm /Ids ≈ 12, the current
consumption of the integer part is calculated to be ∼170 µA. Together
with the ∼12 µA consumed by the fractional part at the maximum G
of ∼1.1, the total current consumption of the ripple replication block is
around 180 µA. The PMOS transistors in the fractional part are sized to
achieve tuning resolution of ∼0.003 as a trade-off between the resolution
and calibration time. Therefore, a 5-bit thermometer code is implemented
to cover the aforementioned maximum G.
Due to the distributed layout design, there could be a delay between the
routed VDD at the oscillator’s M0 source and at the ripple replication block.
That delay can increase the ripple phase shift θ of the ripple replication
block. In this design, since the proposed ripple replication block is simple
and compact, it is easily placed next to M0 . Hence, this effect is negligible,
especially at ripple frequencies < 20 MHz.
4.3.1.2

Sizing and Biasing of Tail Transistor

The tail current transistor M0 is designed here with a channel length
of 120 nm, contributing to the capacitive load CL mentioned above. The
optimal gain Gopt is simulated to be in the middle of the 1–1.1 range
provided by the ripple replication block, leaving enough margin on both
sides. By using M0 with a shorter channel length, CL could be reduced,
leading to a lower power consumption. However, the required Gopt would
increase due to a smaller output resistance of M0 , which could adversely
affect the tuning resolution and/or calibration time.
Under the 1 V nominal supply voltage, Vds of M0 is chosen to be around
250 mV. A smaller Vds may allow the oscillator to operate under lower supply
voltage, thus reducing its power consumption. However, a larger M0 would
be needed to provide similar tail current, which also generates more noise,
degrading the PN and FoM performance of the oscillator [76]. Moreover,
with a lower Vds , the output resistance of M0 also becomes smaller, leading
to an increase in Gopt . Combined with the increased parasitic capacitance
due to the larger device size, the bandwidth of the ripple replication block
would be reduced under similar power consumption, thus increasing the
phase shift θ of the replica at Vb0 . As discussed above, this would increase
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Figure 4.6: Block diagram of the calibration loop.

the output spur level of the oscillator. Hence, it is not beneficial to reduce
Vds further.
In the actual design, M0 is implemented as a parallel combination of a
fixed part, M0,fix , with a bank of unit transistors, M0,i , as shown in Fig. 4.5.
Each M0,i could be switched in separately to tune the oscillation swing by
enabling the corresponding transmission gate (TG) before its gate terminal
with the control code Dtg,i . When TG is disabled by Dtg,i , the gate terminal
of M0,i is also pulled up to VDD . The tail current resolution is ∼30 µA
to ensure the oscillator operates within 1 dB of its optimum PN across
the tuning range (TR). To cover the required current range under PVT
variations, 27 such unit transistors are implemented.
4.3.2

Calibration Loop

Fig. 4.6 shows the block diagram of the integrated calibration loop. As
discussed in Section 4.2.3, the perturbation of the oscillation amplitude,
∆Vamp , is used in the loop as a stimulus to calibrate Gopt . Hence, the
outputs of the oscillator are first connected to a peak detector. Ideally,
the output of the peak detector, Vpd , contains two frequency components:
the desired one at frip , and the additional one at the second harmonic of
the oscillation frequency, fosc . Vpd is then amplified through self-biased
inverters. To amplify the small input level at Vpd (e.g., 1 mV) to a large
enough amplitude (e.g., 250 mV) at the output, a large gain (e.g., 48 dB)
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Figure 4.7: (a) Operating principle and (b) flow chart of the calibration loop with the
proposed algorithm.

is needed. Hence, two inverter stages with bandwidth of ∼20 MHz are
implemented to provide the required gain [see Fig. 4.8 (a)]. The output of
the inverter chain, Vinv , is filtered by a simple RC low-pass filter (LPF). The
cut-off frequency of the LPF is set to pass through the desired frequency
component at frip , while the second harmonic at 2 × fosc is filtered out. If
there is any mismatch in the input differential pair of the peak detector,
Vpd would contain a third frequency component at fosc . Since fosc (several
gigahertzs) is much higher than frip (tens of megahertzs), this component is
easily filtered out by the inverter chain and the LPF. Hence, the mismatch
in the peak detector will not affect the calibration results. The output
of the LPF, Vlpf , is then compared with a reference value, Vref , through a
comparator. Vref is roughly set to a voltage higher than the product of
the desired ∆Vamp and the DC gain of the peak detector cascade with the
inverter stages. The output of the comparator is connected to the clock
terminal of a D flip-flop (DFF). When Vref is crossed, the comparator’s
output becomes high, triggering the output of the DFF to flip to ‘1’. The
digital algorithm in the loop monitors the latch output, Latch_out, and
calculates the optimum control code St for the ripple replication block.
The digital block attempts to find the minimum point of ∆Vamp versus
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the control code [∆Vamp,min in Fig. 4.7 (a)]. However, to precisely detect
∆Vamp,min , a set of comparators and DFFs would be needed. The simulated amplitude variation at the output of the LPF is ∼300 mV. Thus, 20
comparators, followed by a DFF each, are required to realize a voltage
resolution of 15 mV. Some offset calibration techniques may also be needed
to reduce the input referred offset of comparators to a level much lower than
the voltage resolution. The digital algorithm then counts the number of ‘1’
in the output of the DFFs to determine ∆Vamp . Such a method could increase the design complexity greatly. To avoid this, a calibration algorithm
is proposed whereby only one comparator without any offset calibration
could be used in the loop. Fig. 4.7 (a) shows the operating principle of the
proposed technique. The reference voltage, Vref , at the comparator input is
roughly set to a value corresponding to an oscillation amplitude variation
of ∆Vamp,th , which is higher than ∆Vamp,min . The calibration process starts
from a small value of St , where G < Gopt and ∆Vamp > ∆Vamp,th . Thus,
the initial value of Latch_out is ‘1’. The algorithm keeps increasing St ,
which decreases ∆Vamp as G approaches Gopt . When ∆Vamp becomes lower
than ∆Vamp,th , Latch_out changes from ‘1’ to ‘0’. The algorithm records
this code as St,min , and then increases St again. When St is large enough,
∆Vamp would be higher than ∆Vamp,th again, and Latch_out switches back
to 1. The algorithm records this code as St,max , and the optimum code,
St,avg , is calculated as the average of these two recorded codes. Fig. 4.7 (b)
reveals the operational flow chart of this calibration process.
Fig. 4.8 (a) shows the simulated transfer function from the output of the
peak detector to the input of the comparator. The lower cutoff frequency
of this band-pass response is due to the AC-coupling used to accommodate
the DC levels of different stages in the loop. It sets the lowest frip that the
loop can handle. In this work, this frequency is designed to be ∼2 MHz.
Considering the current trend in increasing the switching frequency of
the DC-DC converters to several or even tens of megahertz [77–80], this
value appears reasonable. A lower cutoff frequency could be adopted to
detect lower ripple frequencies, but at the expense of increased loop settling
time. When St changes in each calibration step, the current injected by the
fractional part varies, leading to slight variations in the tail current and
the oscillation amplitude of the oscillator. Hence, due to the band-pass
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Figure 4.8: (a) Simulated transfer function from Vpd to comparator input, and (b)
simulated power spectrum density of noise at comparator input with the contribution
from different noise sources.

characteristic of the loop, it needs certain time for settling before correctly
functioning. With 2 MHz corner frequency, the settling time is 0.5 µs per
step.
Fig. 4.8 (b) shows the simulated power spectrum density (PSD) of noise
at the comparator’s input. The major part of it is contributed by the
oscillator itself. The differential output of the oscillator is less affected by
the variation of the common-mode voltage, but the output level of the
peak detector would be modulated. Thus, the calibration loop is more
sensitive to the common-mode noise from the oscillator, e.g. noise of the
tail current source. After being shaped by the transfer function of the
inverter chain and LPF, the common-mode noise is finally passed to the
comparator’s input. From Fig. 4.8 (b), the integrated noise is around 14 mV,
corresponding to ∼0.095 mV equivalent input noise at the input of the
peak detector. To achieve <−50 dBc spur level, ∆Vamp is simulated to be
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∼1.8 mV (0.64 mVrms ), leading to a SNR of 16.5 dB, which is sufficient for
an effective calibration.
The proposed calibration algorithm and RRB are still effective even if
the ripple of the DC-DC converter is simultaneously coupled through the
supply and other parasitic paths, e.g. into the DC output of the RRB or
ground. Since the coupling through both paths would also vary the tail
current, and correspondingly the oscillation amplitude, their effect would
be detected and minimized by the calibration algorithm through adjusting
Gopt . Besides the supply ripples, interference from other sources with
different frequencies may also modulate the oscillation amplitude. However,
with proper design techniques, e.g. shielding and placing guard rings, which
are common in oscillator design, the effect of these interference should be
non-dominant, and the calibrated code is still around the optimum one.
Figure 4.9 shows the simulation results when the interference is coupled
into the DC output of the RRB or the ground while the oscillator supply
experiences a 50 mVpp 8 MHz ripple. When the interference magnitude falls
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in the region below the lines in Fig. 4.9, the calibration loop is still able
to locate the optimal St for suppressing the spur induced by the supply
ripples. When the interference magnitude increases above the lines, the
calibrated St may begin to shift from the optimal one due to the amplitude
variation induced by the interference being added onto that induced by
the supply ripples. For small code shift, <−50 dBc spur level could still be
achieved. When the interference increases further, the code shift would
become lager, increasing spur level, and the calibration loop may also fail
to converge under a large enough interference. However, considering the
active area of the oscillator and the small footprint of RRB placed next to
M0 , it seems not realistic to have some interference with magnitude much
larger than the 0.6∼1.2 mVpp /13∼28 mVpp limit in Fig. 4.9 when proper
design techniques have been adopted.
It should be pointed out that the main purpose of the calibration
loop in this prototype is to verify the ripple replication circuitry and the
principle of the calibration algorithm. Hence, a quiet supply is used for the
calibration loop. If the ripple also exists on the supply of the loop, its effect
could be suppressed with RC filtering since the power consumption of the
peak detector and the amplifier, which are the supply-sensitive blocks in
the loop, is much smaller compared to that of the oscillator. When used
in the whole system, e.g., PLL, the calibration loop may also be powered
by the regulators used for other supply-sensitive blocks, e.g., TDC and
DTC. Since the loop only operates for a short time (∼40 µs in worst case)
at system start-up or whenever needed at the beginning of IoT packets, it
would not affect the system efficiency and the performance of other blocks
during the normal operation. If the entire system was to be powered by
the SC converter directly, a > 40 dB power supply rejection ratio would be
required for the calibration loop. In the next chapter, a modified calibration
loop with > 60 dB power supply rejection ratio in the frequency range of
interest (2–20 MHz) is proposed and integrated in the PLL, making the
whole system supply insensitive.
4.3.3

Oscillator Implementation

The designed oscillator uses a transformer-based resonant tank. Since
the RRB is connected to the gate of tail current source M0 , its output
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Figure 4.10: (a) Output noise of the RRB, (b) schematic of the symmetrical transformer,
and (c) simulated oscillator phase noise w/i and w/o the RRB.

noise [see Fig. 4.10 (a)] will modulate the oscillator’s tail current, thus
converting into PN. Similar to the tail current noise, only the noise around
DC and even harmonics of fosc would cause PN degradation [81–83]. The
thermal noise around the even harmonics of fosc is filtered out due to the
bandwidth of the RRB, as shown in Fig. 4.10 (a), and would not limit the
PN performance. For the noise around DC, its up-conversion into PN is
related to the DC component, c0 , of the ISF function of the tail current
source [84, 85]. To achieve small c0 , the implicit common-mode resonance
technique [35, 86] is employed. Single-ended capacitor banks connected
to a symmetrical transformer, as shown in Fig. 4.10 (b), are used to tune
the common-mode resonance frequency to around 2 × fosc . Hence, the
second harmonic component of the oscillation waveform is aligned with
the fundamental one, and would not affect the symmetry of the waveform.
Therefore, c0 is kept small and the up-conversion of the low-frequency noise
is largely suppressed [84, 87]. Simulation results in Fig. 4.10 (c) show that
the PN degradation is only 1.16 dBc at 100kHz frequency offset. Note
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√
that the reported spot noise (as expressed in nV/ Hz unit) of the LDOs
in [50, 51] at 100 kHz is more than 30 times the value shown in Fig. 4.10 (a).
Hence, even with the common-mode resonance technique, the oscillator’s
PN would be greatly degraded when powered by these LDOs.
Both the NMOS and PMOS cross-coupled transistors M1−4 provide
the negative transconductance in the complementary structure. The body
terminals of the PMOS cross-coupled pair, M1,2 , are deliberately connected
to their source terminals to avoid the body effect. Otherwise, their threshold
voltage, Vth , would be modulated under supply variations thus varying the
oscillation amplitude Vosc , consequently pushing fosc . Simulation results
show that this body effect could limit the supply pushing to no better than
9.5 MHz/V. Note that the above mentioned NMOS alternative to the tail
transistor M0 would not be effective unless a costly triple-well technology
is used.

4.4

Measurement Results

The LC oscillator with the proposed feed-forward ripple replication and
cancellation technique is implemented in TSMC 40-nm 1P8M CMOS process without ultra-thick metal layers. The proposed calibration loop is also
integrated on-die. Fig. 4.11 (a) shows the chip micrograph. The total active
area is 0.23 mm2 , in which the oscillator core occupies about 0.215 mm2 .
The additional area occupied by the RRB with its biasing circuit and the
calibration loop is just 0.012 mm2 , including 8.7pF capacitance of the calibration loop. To enhance the tank’s Q-factor, the symmetrical transformer
is designed by stacking the top two metal layers with the aluminum capping
layer. The spacing between each turn of the transformer is optimized for a
magnetic coupling factor of 0.31. The simulated differential inductance of
the transformer is 1.7 nH. Q-factor of the whole tank is estimated to be
∼7. The capacitor banks are split into a 5-bit differential bank and a 5-bit
common-mode bank to tune the common-mode resonance frequency.
The measured power consumption of the oscillator is around 0.81 mW
at the maximum oscillation frequency, while the RRB consumes about
0.2 mW, as shown in Fig. 4.11 (b). Note that the RRB also serves to bias M0
properly. Therefore, compared to oscillator designs biased through current
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Total: 408.1μW @ St=0

Figure 4.11: (a) Chip micrograph of LC oscillator with reduced supply pushing, (b)
measured power breakdown of the oscillator at maximum oscillation frequency during
normal operation, and (c) simulated power breakdown of the calibration loop when St = 0.

mirrors, the extra power consumption is only induced by the fractional part
of RRB, which is only around 20 µW in this design. During calibration, the
power consumed by the calibration loop when St = 0, which is the worst
case, is around 0.41 mW, and the simulated power breakdown of the loop is
also shown in Fig. 4.11 (c). With a longest calibration time at cold start of
∼40 µs and a BLE packet length of ∼400 µs, the average power consumption
of the loop (Pcal,avg ) when the calibration is done at the beginning of each
packet would be < 41 µW. In practice, the calibration time should be
much less than 40 µs since the calibration process is terminated once the
optimal code is calculated. Meanwhile, the power consumption of the
calibration loop also reduces as St approaches the optimal value. When
St is at the optimal code, the power consumed by the calibration loop is
reduced to about 0.26 mW. This is mainly contributed by the decrease of
the comparator power consumption from ∼0.25 mW at St = 0 to ∼0.09 mW
around the optimal St , since the tail current source of the comparator is
pushed into triode region by the its low input voltage. Using an average
value of 0.335 mW and a typical calibration time of 25 µs from simulation,
Pcal,avg is reduced to only 21 µW.
The measured tuning range (TR) is 4.9–5.7 GHz (15%). Fig. 4.12 shows
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Figure 4.12: Measured phase noise of the oscillator across the TR.
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Figure 4.13: Measured spur level over the control code St .

the measured PN performance across the TR. PN varies from −108 to
−111 dBc/Hz @1 MHz offset, with a flicker noise corner of around 100 kHz.
To verify the concept of the proposed technique, the control code St of the
RRB is manually swept while a 50 mVpp 5MHz sinusoidal ripple is applied
on the oscillator supply. As shown in Fig. 4.13, there exists an optimum
code at which the spur level is lower than −60 dBc, corresponding to a
>27 dB improvement over the St = 0 case. Note that G ≈ 1 when St = 0,
and the oscillator already benefits from the significantly reduced supply
pushing.
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Effectiveness of the automatic calibration loop is verified in Fig. 4.14 (a),
which compares the spectra before and after the calibration. With the
supply contamination by a 50 mVpp 5 MHz sinusoidal ripple, the spur level is
reduced by 30 dB and reaches −68.7 dBc after the calibration. Fig. 4.15 (a)
shows the measured spur level over the frequency of the supply ripple.
The proposed technique achieves ≤−49 dBc optimum spur levels under
≤50 mVpp , 0.5–20 MHz sinusoidal ripples, while the calibrated spur levels
closely follow the optimum ones in most cases. In Fig. 4.15 (c), the spur level
is measured across the tuning range of the oscillator. The worst-case spur
under a 50 mVpp 5 MHz sinusoidal ripple is ≤−59 dBc. Fig. 4.15 (b) and
Fig. 4.15 (d) display the oscillator’s supply pushing based on the measured
spur levels. When the ripple frequency is lower than 12 MHz, the calculated
supply pushing is lower than 1 MHz/V for both the optimum and calibrated
cases.
-4 0

- 40

-5 0

- 50

3DB

-6 0

- 60

Similar measurements are also performed for saw-tooth ripples. The
spectra before and after the calibration are compared in Fig. 4.14 (b).
Under a 50 mVpp 5 MHz saw-tooth ripple, the spur at the fundamental
offset is reduced by 22.9 dB and reaches −61.7 dBc after the calibration.
For spurs at higher harmonics, the suppression is also observed, but with
lower magnitudes (5.8 dB suppression for the second harmonic reaching
−59.1 dBc after the calibration). Fig. 4.15 (e) reports the spur levels over
the ripple frequency. The worst-case spur of −47 dBc is found under
≤50 mVpp , 0.5–20 MHz saw-tooth ripples, while the calibration results
follow the optima. In Fig. 4.15 (f), the spurs are lower than −58 dBc within

3D B
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Figure 4.15: (a) Measured spur levels over the sinusoidal ripple frequency and (b) the
corresponding supply pushing for both the manual and automatic calibrations; (c) Measured spur levels over the oscillation frequency under the sinusoidal ripple and (d) the
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the entire tuning range under a 50 mVpp 5 MHz saw-tooth ripple.
Fig. 4.16 (a) shows the measured oscillator spectrum under a 50 mVpp
2.5 MHz supply ripple. A spur can also be observed at an offset frequency of
5 MHz (i.e., 2×2.5 MHz). This second ripple harmonic spur mainly comes
from the nonlinearity of the fractional part of the ripple replication block.
To achieve fine tuning resolution, small transistors with low overdrive
voltage are used in the fractional part. Hence, these transistors operate
in moderate or weak inversion region, where the nonlinearity is relatively
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Figure 4.16: Measured oscillator spectra under (a) 50 mVpp and (b) 20 mVpp 2.5 MHz
sinusoidal ripple.

large. The simulated second harmonic intercept point of these transistors
is VIP2 = 2 · (VGS − VTH ) ≈ 100 mV . Consequently, with 50 mVpp ripple
on supply, which is already comparable to the overdrive voltage of the
transistors, relatively large second ripple harmonic spur is generated. To
improve the performance at the second ripple harmonic, transistors with
smaller aspect ratio (W/L) and increased overdrive voltage should be used.
Simulations show that the spur at 2 × frip is improved by 4.8 dBc when
the overdrive voltage of these transistors is increased to 100 mV, while
the current penalty is only 3.2 µA at Gopt . Also, the spur at the second
ripple harmonic falls drastically with a lower ripple amplitude. As shown
in Fig. 4.16 (b), the measured spur level at the second harmonic is reduced
to −65.9 dBc under a 20 mVpp ripple, which is a target of our SC converter
design, and should bear little practical consequences.
Fig. 4.17 (a) compares the measured oscillator spectra before and after
the automatic calibration when the supply is subjected to a two-tone ripple
which consists of 8- and 12 MHz components of equal amplitude. The
envelope of the ripple is kept at 50 mVpp . The automatic calibration is
still effective under this scenario, and the plot shows that the spur at
8/12 MHz offset are reduced by 22.3/20.8 dB and reach −65.3/−62.4 dBc
respectively after the calibration. The non-linearity effect not only induces
small spurs (≤−64.9 dBc) at the second harmonics of these two tones, but
also generates additional spurs at the sum (20 MHz) and difference (4 MHz)
frequencies of these two tones with a level of −61.3 dBc and −58.2 dBc
respectively, which are still far below the −50 dBc limitation of the IoT
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Figure 4.17: Measured oscillator spectra before and after automatic calibration under (a)
two-tone and (b) frequency modulated ripple.

applications. Fig. 4.17 (b) compares the measured spectra before and after
the automatic calibration when a 50 mVpp 10 MHz frequency modulated
(FM) ripple is applied to the supply. The modulation rate and maximum
frequency deviation are both 1 MHz to clearly show the effect of modulation.
The plot shows that the spurs around 10 MHz are reduced to ≤−62.5 dBc
after the calibration, corresponding to a 25.6 dB reduction at 10 MHz, while
the spurs induced by nonlinearity around 20 MHz are ≤−56.9 dBc.
Fig. 4.18 shows the measured spur levels under a 50 mVpp 5 MHz sinusoidal ripple at different DC supply voltages and temperatures. For
the variation of the DC supply voltage, the optimal code varies by ∼±3
under ±100 mV variation, and the spur level remains <−50 dBc without
any re-calibrations. Due to a relatively low power consumption of the IoT
system, the on-chip temperature variation is very slow [88]. As shown in
Fig. 4.18 (b), the optimal code only changes by ∼±1 under ±10◦ C variation.
Hence, the effect of DC supply variation and temperature drift are slow
enough to be compensated by intermittent re-calibrations. Moreover, when
a re-calibration is performed once every several or tens of data packets,
the starting code St could be placed near the optimal code of the last
calibration. As a result, Pcal,avg is further reduced to a negligible level.
Table 4.1 summarizes the performance of the proposed technique and
compares it to prior works. When compared to a state-of-the-art LC
oscillator in [35], the proposed technique demonstrates >10× improvement
of the supply pushing. In comparison with other supply pushing reduction
techniques [58, 60, 66, 67], the proposed technique shows the lowest supply
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Figure 4.18: Measured spur levels over the control code St under different (a) DC supply
voltages and (b) temperatures.

pushing, comparable or larger spur reduction, while the additional power
is small. The proposed technique is also compared with state-of-the-art
LDO designs in Table 4.2. Though [49] achieves higher PSR with a lower
power consumption, a large off-chip capacitor is used which is against
the IoT miniaturization. Also, it lacks a reliable calibration which could
lead to ∼20 dB PSR variation under process and temperature changes.
In [47], a correlation-based calibration scheme is implemented, but nonideal effects, such as an offset of the mixer lead to incorrect calibration
results. Moreover, compared with other state-of-the-art LDOs with on-chip
capacitors [47, 48, 50, 51], our work demonstrates one of the highest PSR at
10 MHz with less or comparable (extra) power.
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Table 4.1: Performance Summary and Comparison with State-of-the-Art
This work
Feed-forward
compensation
LC
40 (w/o UTM)
1.0
4.9-5.7 (15%)
-107.9 to -110.9
50mVpp

JSSC2017 [35]
2×fosc implicit
resonance
LC
28 (w/i UTM)
0.9
2.85-3.75 (27.2%)
-127.5 to -131
NA

LC
65
1.0
3.2-4.8 (40%)
-108* @ 3.57GHz
NA

ISSCC2014 [58]
Bias at lowest Kpush
point
Ring
40
1.1
2.418 (NA)
NA
1mVpp

ISSCC2016 [60]
Two constant-Gm
biasing
Ring
40
1.1
3.2 (NA)
NA
50mVpp

VLSI2017 [67]
Noise suppression
loop
Ring
65
1.0
3.2 (NA)
-88*
20mVpp

@1MHz

<-54

@5MHz

<-58

NA

NA

-45

-25

-57

NA

NA

-49

NA

Kpush
(MHz/V)

@1MHz
@5MHz

-48

<0.16#
<0.5#

6-30
6-30

NA
NA

22.5#
70.9#

45***
NA

0.63#***
4#

Improv.
(dB)

@1MHz
@5MHz

18-24**
24-30**

NA
NA

NA
NA

28
19

10
NA

30
30

Spur (dBc)

@1MHz
@5MHz

<-50
<-58

NA
NA

-50
-51

NA
NA

NA
NA

NA
NA

@1MHz

11.3**

NA

15

NA

NA

NA

Description
Osc. Type
Tech. (nm)
VDD (V)
Frequency Range (GHz)
PN (dBc/Hz) @1MHz
Ripple Amplitude
Spur (dBc)
Sinewave

Saw-tooth

Improv.
(dB)

ESSCIRC2016 [66]
FCW compensation

@5MHz

22-27**
NA
12
NA
NA
Osc. Power Cons. (mW)
0.8-1.3
6.6
18.9†
6.4†
2.95†
Power Cons. Kpush Reduction Tech. (mW)
0.2
NA
2.4
NA
NA
Area of Kpush Reduction Tech. (mm2)
0.012
NA
0.35‡
NA
NA
Total Area (mm2)
0.23
0.15
0.63†
0.013‡
0.0216‡
*Estimated from out-of-band phase noise of PLL
**Compared with the case St=0 (Gain=1) where the supply pushing of the oscillator is already suppressed
#Calculated value from the spur level
† Power/area of the ADPLL
‡ Estimate from the chip micrograph
***Ripple frequency lower than the PLL bandwidth, supply pushing is calculated assuming 20dBc/decade suppression from the loop

NA
2.73†
0.45
0.004
0.047†

Table 4.2: Comparison with LDO Designs
Tech. (nm)
Vin (LDO)/
VDD (osc.) (V)
Vout (LDO) (V)
Vdrop-out (LDO)/
Vds of M0 (osc.) (V)
@1MHz
PSR
(dB)
@10MHz

This
work
40

JSSC’10 CICC’11 JSSC’14 VLSI’17 JSSC’18
[49]
[47]
[50]
[51]
[48]
130
180
180
40
65

1.0

>1.15

1.8

1.8

1.1

1.2

NA

1

1.5

1.6

1

1

0.25

>0.15

0.3

0.2

0.1

0.2

-80
-50
-65
-60
-52
<-55.9
<-42.5
-60
-22
-42
-35
-37
4μF
8.6pF
125pF
128pF
104pF
260pF
Total Capacitance (on-chip) (off-chip) (on-chip) (on-chip) (on-chip) (on-chip)
Additional Current
0.2
0.05
0.3
0.08
0.275
0.1535
Consumption (mA) +0.021#
Additional Power
0.2
0.0575
0.54
0.144
0.3025 0.1842
Consumption (mW) +0.021#
Noise (LDO/RRB)
NA
NA
NA
270
274
8**
@100kHz (nV/√Hz)
Total Area (mm2)
0.012
0.049
0.041
0.14*
0.008*
0.087

*100pF on-chip load capacitance not included
**Value obtained from post-layout simulation
#0.2mA(mW) from RRB always exists during normal operation; 0.021mA(mW) is the average power consumption
of the calibration loop, when conservatively assuming a calibration is done for every BLE packet (~400μs)

4.5

Conclusion

This chapter presented a method to significantly reduce supply pushing
in current-mode LC oscillators while consuming no extra voltage headroom.
The proposed RRB generates an amplified supply ripple replica at the gate
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terminal of the oscillator’s tail current source, in order to stabilize the tail
current and oscillation amplitude under supply variations. The oscillation
frequency is stabilized in turn, leading to < 1 MHz/V supply pushing for
supply ripples up to 12 MHz. To suppress the phase noise degradation
due to the extra circuitry, implicit common-mode resonance is used in the
resonant tank. A calibration loop with a simple and effective algorithm is
also integrated on-chip, which effectively finds the optimum gain for the
ripple replication block. The operation of the loop is based on detecting
and minimizing the variation of the oscillation amplitude. Hence it is also
effective when the ripple is simultaneously coupled through the supply and
other parasitic paths.

4.6

Appendix: System Design of a DC-DC Converter
Directly Powering the Oscillator

In this appendix section, the design and measurement of the DC-DC
converter directly powering up the LC oscillator without degrading its
spectral purity will be demonstrated2 . Fig. 4.19 shows the block diagram
of the proposed system.
VDC-DC
1.05V
Ripple
(~3%)
0.95V

Energy Storage
CSP
Supercap.

VIN

Buck
Converter

t
Phase
Noise

VDC-DC
(0.95-1.05V)

VOSC

Battery

CR(VIN)

1.05V

FSM
0.95V

η=87%

phase noise
not affected

Δf
RRB
& Cal.

This Work

Figure 4.19: Block diagram of the proposed system.

2

Material of this section has been published in the IEEE Transactions on Circuits and Systems I (TCASI) [56]. The converter is designed by Alessandro Urso, a PhD student at TU Delft. The author is
responsible for the oscillator design and measurements.
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Figure 4.20: (a) Detailed block diagram of the three-stage recursive switched capacitor
(RSC) DC-DC converter with a table showing the control signals for all the converter
states; (b) detailed representation of a 2:1 or 3:1 stage and (c) the non-overlapping clock
(NOC) generator.

4.6.1

DC-DC Converter

The recursive switched-capacitor (RSC) [89] topology is adopted in the
designed DC-DC converter. In order to avoid cascading many RSC stages
as in [89], a 3-stage RSC topology with two conversion ratio (CR) options
per stage is proposed. As shown in Fig. 4.20, each stage in the proposed
topology could operate in two CR modes (2:1, 3:2 or 3:1), while only one
set of bridge switches is placed between the last two stages, allowing the
connection of the output of the second stage to either the top or bottom
voltage of the third stage. Assisted by the equivalent model of the SC
converter [see Fig. 4.21 (a)], the required CR range is determined by






 CRmin






CRmax


VDC−DC,min + RS IL,min
VIN,max
VDC−DC,max + RS IL,max
=
VIN,min
=

(4.9)

where VIN,max(min) and IL,max(min) are the maximum (minimum) input voltage
and load current considered in the converter design. VDC−DC,max(min) repre-
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FSL

Figure 4.21: (a) Equivalent model of an SC DC-DC converter; and (b) its equivalent
output resistance versus switching frequency.

sents the maximum (minimum) voltage allowed at the converter output, and
equals 1.05 V (0.95 V) for a ±5% accuracy around the 1 V nominal output
level. Given that RS = 50 Ω, 1.3 V < VIN < 2.2 V and 0.5 mA < IL < 2 mA,
(4.9) shows that CR varies from 0.5 to 0.9. Therefore, the first stage in the
proposed topology does not need the 3:1 configuration and its output is
always connected to the bottom voltage of the second stage, allowing for a
higher CR. The resolution of the CR should be fine enough to guarantee
that the difference between the converter output corresponding to two
consecutive CRs is less than VDC−DC accuracy. Hence, assuming a constant
RS , the required CR resolution can be estimated by
CRres = (CRi+1 − CRi ) <

0.1VOUT
= 0.0455.
VIN,max

(4.10)

In the proposed design, 12 CRs are implemented to realize this resolution.
The equivalent output impedance of the converter, RS , can be modeled
by the well-known equation below [90]
q

2
2
RS = RSSL
+ RFSL
=

v
u
u
t(

KSSL 2
) + (KFSL Ron )2
Cfly fSW

(4.11)

where RSSL and RFSL are the resistances in the slow and fast switching
limit (SSL, and FSL), respectively. KSSL and KFSL are topology-dependent
coefficients valid respectively in the SSL and FSL regions [90]. Fig. 4.21 (b)
shows a sketch of (4.11) versus the switching frequency (fSW ). In the SSL
region, the charge-sharing mechanism dominates the losses, whereas, in
the FSL region, the finite on-resistance of the switches (Ron ) is the main
source of inefficiency. Taking both the conduction losses and switching
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losses into consideration, the converter loss could be modeled as
2
PLOSS = nCg Vsw
fSW + RS IL2

(4.12)

where n is the number of switches operating at fSW with a clock voltage
swing of Vsw , and Cg is the equivalent gate capacitance of each switch.
Therefore, to maximize the power efficiency, it is required that the converter
operates at the boundary between the fast and slow switching limits. In
the proposed RSC converter, the stages are rearranged in a series/parallel
configuration to guarantee VDC−DC = 1 V ± 5% for VIN ∈ {1.3−2.2} V ,
resulting in a varying RSSL and RFSL . Therefore, with a fixed fSW , RS
of the proposed converter greatly varies with the particular configuration
used, dramatically affecting the converter efficiency. The large RS variation
can also violate the resolution requirement imposed by (4.10). In the
worst case, even the monotonicity of VDC−DC as a function of CR could
be violated due to this variation. To overcome this problem, fSW in the
configuration with a higher RS can be modulated by a factor of 2× or 4×
in order to bring fSW close to the optimal value again, resulting in a fairly
constant RS which maximizes the power efficiency of the converter and
guarantees the resolution and monotonicity conditions being always met.
In the proposed design, an external clock with fIN =20 MHz provids the
highest possible fSW , while a flip-flop-based frequency divider implemented
internally performs the frequency division (of 1, 2 or 4) to generate fDIV
with the desired fSW (see Fig. 4.20). Each stage of the converter is further
divided into eight smaller interleaved units. This allows to avoid the
need for an output capacitor and to reduce the switching losses of the
converter [91]. The corresponding eight interleaved clock phases (CLK1:8 )
are generated by further dividing fDIV [92]. A non-overlapping clock (NOC)
circuit is embedded in each unit to generate the two non-overlapped phases
(Φ1 and Φ2 ) from CLK1:8 .
During the operation, VDC−DC is compared with two reference levels,
0.95 V and 1.05 V, at a rate of 1 MHz. Two bits (b0,1 ) are generated
to indicate whether VDC−DC is within the range, higher or lower. The
converter’s FSM (FSMC ) then decides to keep the same state or move
to the next higher/lower one. Each state has a unique set of control
signals (MODE, SP, BRIDGE), which determines fSW , the series or parallel
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connection of stages, and the CR of each stage. The table in Fig. 4.20 (b)
reports all the converter’s states and their control signals.
4.6.2

LC Oscillator with RRB

The structure of the implemented LC oscillator is similar to that shown
in Fig. 4.5. The calibration loop (see Fig. 4.6) is also integrated on-chip
to set the optimal control code for RRB automatically. Note that the
calibration is only performed in one of the converter states and used during
the entire operation.
As discussed in Section 4.3.1.1, due to the finite bandwidth of RRB,
a phase shift between the supply ripple and its replica at high ripple
frequencies would result in residue variations of I0 , degrading the spur
levels. Hence, the capacitive load at Vb0 and the RRB current are optimized
based on the highest fSW of the converter (20 MHz). At lower fSW , the
oscillator inherently suffers from a lower spur suppression due to a higher
tank impedance, requiring tighter I0 variations. Thus, the RRB gain
resolution is designed for the lowest fSW (5 MHz) to guarantee a low
enough spur over the fSW range. The RRB is effective as long as M0 stays
in the saturation region. Thanks to the CR adjustment of the converter,
the DC level of the oscillator supply only varies by ±50 mV, which is low
enough to keep M0 safely in saturation. Since the RRB is fully integrated
into the oscillator biasing network, only the noise of its extra variable gm
stage degrades the oscillator PN by a negligible amount (i.e., ∼0.06 dB).
Moreover, the extra current consumed by the RRB, mainly contributed by
the variable gm stage also, is only 20 µA, which leads to a current efficiency
degradation of 98%.3
4.6.3

Experimental Results

The proposed DC-DC converter and the oscillator are fabricated in the
same standard 40-nm CMOS process. The symmetrical transformer in the
LC oscillator is designed with the ultra thick top metal layer for better Q.
3

The oscillator is considered to be biased with a current mirror here for the comparison with other system
designs (see Table 4.3). In practice, the tail current source of the oscillator may be tuned through an
amplitude tracking loop to guarantee the optimum operation point across PVT variations. In this case,
more stringent PSR and noise requirements may be placed on LDOs, further worsening their power
efficiency (please refer to Chapter 3).
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Figure 4.22: Die micrographs of the DC-DC converter (left), the oscillator (right), and
photo highlighting their direct connection (middle).
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Figure 4.23: (a) Measured output voltage of the DC-DC converter versus VIN for IL = 1 mA;
and (b) measured spot noise of the converter across different FSMC state.
Spot Noise (nV/√Hz)

1.4
1.2

Their chip micrographs, as well as a photo highlighting the direct connection
1
of the converter’s output to the oscillator supply rail, are shown in Fig. 4.22.
0.8
They occupy an active area of 1.54 mm2 and 0.23 mm2 , respectively. The
total on-chip capacitance of the DC-DC converter Cfly = 2.7 nF is equally
divided among the three stages.
Fig. 4.23 (a) shows the line regulation of the converter for IL = 1 mA
along with the state of the FSMC . The CR and fSW change accordingly to
keep VDC−DC within the desired range. The output noise of the converter
is also measured, and the result is shown in Fig. 4.23 (b) over different
converter states. In this measurement, VIN is tuned so that VDC−DC is ∼1V
when the converter
√ is operating in the corresponding state. The noise is
always < 1.3 nV/ Hz which is well below the supply noise requirement of
the oscillator.
Fig. 4.24 (a) shows the phase noise of the oscillator when powered from
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Figure 4.24: (a) Measured oscillator PN performance at f=5.5 GHz and (b) its spectrum
before and after calibration of the RRB with FSMC in State S1 and (c) State S5; (d) spur
level across different converter states when the oscillator is calibrated only at State S1.

a ‘noise-free’ supply and from the DC-DC converter in different FSMC
states for the oscillation frequency of 5.5 GHz. The inherent PN of the
oscillator is not degraded, proving that the supply does not limit the
oscillator performance. Fig. 4.24 (b) shows the spectrum of the oscillator
before and after calibration when powered from the DC-DC converter with
a ripple amplitude of ∼30 mVpp . The spur level is reduced by 30 dB and
reaches −65 dBc after the calibration, which is 15 dB lower than the IoT
requirements (i.e., <−50 dBc). A similar measurement is also performed
while the oscillator is powered by the DC-DC converter in state S5, and
the spectrum is depicted in Fig. 4.24 (c). Fig. 4.24 (d) shows the spurious
level of the oscillator across all the states of the FSMC when the RRB of
the oscillator is only calibrated in State S1. The spur level always stays
below −65 dBc.
Table 4.3 summarizes the performance of the whole system and compares
it with prior art. This work is more suitable for a full system integration by
avoiding external components and demonstrates the highest system peak
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Table 4.3: Comparison with Systems Powering Up LC Oscillators
This work

JSSC’15
[43]

TPE’16
[93]

TCAS-I’08
[94]

ESSCIRC’14
[74]

DC-DC +
OSC

DC-DC +
LDO + OSC**

DC-DC +
LDO***

LDO + OSC

LDO + OSC

40

55

65

250

65

1.3-2.2
X
1.0

1.6-3.3#
1.4
1.2

2.4-2.6
1.05
1.0

X
2.0-2.5
1.5-2

X
0.6
0.4

VLDO,drop (mV)

0

200

50

500

200

ηDC-DC (%)
ηLDO (%)
ηRRB (%)
ηTotal (%)

87
X
98
85

92
<85.7
X
<79

80.3
<94.9
X
<76.2

X
<79
X
<79

X
<60
X
<60

#ext. comp.

0

2

0

1

0

14.1#
@20MHz

32
@100kHz

2.0††
@10MHz

System
Architecture
Tech. (nm)
VIN (V)
VIN,LDO (V)
VOUT,LDO (V)

Osc. supply noise
(nV/√Hz)

1.26(S5)
@10MHz

NA

CLDO (F)

X

NA

41p

50n

390p

IQuiescent (μA)

20

NA

10 (VIN)

120

500 (1.2V)

@5MHz

27.0*

>20

15

35

31†

@10MHz

29.6*

>20

15

NA

26†

PSR
(dB)

*PSR of the fractional part of RRB

**Oscillator is part of the whole transceiver

#Estimated from the measurement result

†Simulated value

***Can be used to power up an oscillator

††Calculated from phase noise with K push=250MHz/V

X=not needed in the system

power efficiency thanks to the removal of the LDO voltage headroom. The
equivalent PSR of our approach in the table only accounts for the extra
improvement contributed by the fractional part of the RRB. Compared
to the systems with LDOs, our fully passive SC converter exhibits >10×
lower supply noise and our RRB shows comparable or higher power supply
rejection improvement, preserving the oscillator’s spectral purity for IoT
applications.
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Chapter

5
Supply Insensitive Fractional-N Digitally Intensive PLL

In this chapter, we present a 4.5–5.1 GHz fractional-N digitally intensive
PLL (DPLL) capable of maintaining its performance in face of a large
supply ripple, thus enabling a direct connection to a switched-mode DC-DC
converter1 . Based on the method proposed in Chapter 4, supply pushing
of its LC oscillator is suppressed by properly replicating the supply ripple
onto the gate of its tail current transistor, while the optimum replication
gain is determined by a modified on-chip calibration loop tolerant of supply
variations. A proposed configuration of cascading a supply-insensitive
slope generator with an output of a current DAC linearly converts the
phase error timing into a corresponding voltage, which is then quantized
by a SAR ADC to generate a digital phase error. We also introduce a
low-power ripple pattern estimation and cancellation algorithm to remove
the phase error component due to the supply-induced delay variations of
loop components. Implemented in 40-nm CMOS, the DPLL prototype
achieves the performance of 428 fs rms jitter, <−55 dBc fractional spur, and
1

Material of this chapter has been published in the IEEE Journal of Solid-State Circuits [95].
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<−54 dBc maximum spur, while consuming 3.25 mW and being subjugated
to a sinusoidal or sawtooth supply ripple of 50 mVpp at 50 MHz reference
divided by 3, 6 or 12.

5.1 Introduction

5.1

91

Introduction

Since the LDO used to suppress the output ripples of the DC-DC
converter degrades the system power efficiency and/or require additional
off-chip components, it deems beneficial for the PLL to be powered directly
from the converter, thus entirely avoiding the use of LDOs. As already
discussed in Chapter 2, the implementation of such a PLL faces three main
challenges: the supply pushing of the oscillator, the output delay variation
of loop components and the intermodulation between frip and ffrac .
To suppress the supply pushing of the LC oscillator, Chapter 4 proposed
a feed-forward ripple replication and cancellation technique. Although the
corresponding spur level could be reduced to below ∼ −50 dBc under the
50 mVpp 0.5–20 MHz supply ripple with minimal power penalty, its on-chip
calibration loop is still sensitive to supply variations. Therefore, similar as
in [67], a clean supply is still required to power the calibration loop.
For the output delay and transfer function variations of PLL loop
components under supply ripple, Section 2.2 shows that the suppression
provided by the loop may be insufficient for a reasonable frip . Thus,
additional techniques still appear to be needed to reduce the corresponding
spurs. Moreover, in the scarcely available literature on PLLs with reduced
supply sensitivity, mainly the integer-N operation is considered [44, 96],
while the intermodulation problem between frip and ffrac of fractional-N
operation, which is generally used in real applications, is seldom discussed.2
As already mentioned at the beginning of Chapter 2, the analysis in
that chapter is valid for both analog and digital PLL implementations.
Compared to the case of DTC/TDC in a digital PLL, a charge pump
in the conventional analog PLL may offer a lower sensitivity to supply.
However, the charge pump could become overly sensitive by a mismatch
between its ‘up’ and ‘down’ current branches [46]. Meanwhile, the divider,
phase/frequency detector (PFD), and buffers used as an interface between
different blocks are still affected by the supply ripple, thus necessitating
calibrations to remove their effects. Since the phase error information in the
analog [22–25] or hybrid [99, 100] PLLs is processed in the voltage domain,
the implementation of the calibration loops would be more complex than
2

Note that the intermodulation effect analyzed in [97, 98] is between the reference frequency and the
oscillation frequency, generating fractional spurs, which is not similar to the effect mentioned here.
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Figure 5.1: ADC-based fractional-N DPLL structure using (a) a constant-slope DTC or
(b) a DAC.

in their digital counterparts and further deteriorated by the non-idealities
of analog circuits in sub-micron technologies. In contrast, a highly digitally
intensive PLL (DPLL) features the natural ability to exploit various digital
calibration techniques to tackle the aforementioned issues with relative ease.
Consequently, a DPLL is favored when architecting for the direct powering
by the switch-mode DC-DC converter. In this chapter, we propose a
digital-to-analog converter (DAC)-assisted fractional-N DPLL architecture
to enable direct operation under a large 50 mVpp supply ripple. The
reduced supply sensitivity of the proposed voltage-domain PD suppresses
the intermodulated terms, while the effect of the supply induced delay
variation is cancelled through digital calibration. The supply pushing of the
LC oscillator is also reduced through the feedforward cancellation technique
with an improved calibration loop.
The chapter is organized as follows. Section 5.2 derives the proposed
loop structure. Detailed circuit implementations of different DPLL blocks
are discussed in Section 5.3, while measurement results are provided in
Section 5.4.

5.2

Proposed DPLL Architecture

In contrast to the conventional time-domain realizations, implementation of the phase detection in the voltage domain [see Fig. 5.1 (a) as
an example] has been gaining popularity in recent years [41, 101–106].
Assisted by a steep slope of the sampled waveform, the analog-to-digital
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converter (ADC)-based PD could achieve a fine resolution at low power
consumption [41,101–103]. Due to its power efficiency and simple structure,
a successive-approximation register (SAR)-ADC is beneficially employed
in the DPLL design. By operating in the voltage domain with only one
comparator and a capacitive DAC (CDAC), it also provides better immunity to supply variations. However, for fractional-N applications, a DTC
is still used to accommodate the limited linear range of the slope generator
(SG) and to reduce the dynamic range of the ADC [41, 102]. In order to
further exploit the operation in the voltage domain with improved supply
immunity, a constant-slope DTC should be considered here [107–109]. As
shown in Fig. 5.1 (a), the constant-slope DTC charges a load capacitor,
C0 , with a constant current at the corresponding edge of the input signal,
and flips the following buffer when the charged voltage level reaches its
threshold. The variable output delay is achieved by presetting the starting
voltage on C0 to different values using a DAC. Given that this DAC can be
implemented with good supply immunity, the DPLL structure of Fig. 5.1 (a)
would be able to better tolerate supply ripples.
To detect the phase error, the DPLL structure in Fig. 5.1 (a) traverses
between the time and voltage domains several times. First, the constantslope DTC converts the desired delay into the starting voltage on C0 .
Second, the following buffers convert it back to the time domain. Third,
the slope generator converts the time difference between the DTC output,
DTCout , and the feedback signal, DIV, into the ADC input voltage, VIN .
In fact, this process could be simplified, as shown in Fig. 5.1 (b). In this
structure, the time difference between the reference signal, REF, and the
feedback signal, DIV, is directly converted into a corresponding voltage,
VSG , through the slope generator, while a DAC is used to generate a
compensation voltage, VDAC , based on the MMDIV quantization error. By
summing VSG and VDAC , the resulting VIN will be only proportional to the
PN component and vary little when the PLL is locked. The structure
in Fig. 5.1 (b) now operates entirely in the voltage domain, reducing its
supply sensitivity. Essentially, it converts the time to voltage only once,
simplifying the system structure and circuit implementation. A similar
voltage-domain PD is also used in [110] to achieve an improved power-jitter
trade-off. However, to operate under the supply ripple, the loop in [110]
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Figure 5.2: Block diagram of the proposed fractional-N DPLL.

and Fig. 5.1 (b) still needs to be further modified.
The complete
structure
in Fig. OTW
5.2. The ripple pattern
PDoutloop
Ripple
Pattern isPDshown
Digital
cor
ADC
Estim. & Canc.
Loop Filterafter the ADC to remove
estimation and cancellation
block is inserted
the phase error pattern at frip induced by the delay variations of loop
components due to the supply ripple. To further suppress the spur due
to the intermodulation effect, a second-order ∆Σ modulator is employed,
while the MMDIV output is resampled by both edges of the oscillation
signal, CKV, to limit the input range of the slope generator for better
linearity and noise performance. The mismatch between the two resampling
paths is compensated by varying the capacitive load of the multiplexer
(MUX) through an LMS algorithm. Finally, to suppress the supply pushing
of the LC oscillator, the feed-forward cancellation technique proposed in
Chapter 4 is adopted, while its calibration loop has been modified to be
able to tolerate the supply ripples.

5.3

Circuit Implementation

In this section, the detailed circuit implementation of key blocks in the
proposed fractional-N DPLL is discussed.
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Figure 5.3: (a) Simplified block diagram, and (b)–(d) operational principle of PD.

5.3.1

Phase Detector

5.3.1.1

Operating Principle

A simplified block diagram of the phase detection circuitry is shown in
Fig. 5.3 (a). It chiefly consists of a slope generator (SG), a current steering
DAC, a combiner switch (S4 ), and an SAR ADC converting the phase error
to a digital bitstream. The desired phase error is digitized through three
steps: charging (φchrg ), combining (φcomb ), and conversion (φconv ), as shown
in Fig. 5.3 (b)–(d). During the first step φchrg , the current source in the
slope generator, ISG , charges the load capacitor, CSG , between the falling
edges of REF and DIV [111, 112], converting its input time difference into
a corresponding voltage,
VSG = (tos + Eq × TCKV + tn ) × (ISG /CSG ),

(5.1)
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where Eq × TCKV is the deterministic time error due to the fractional
operation, tn is the time difference due to the random noise and supplyinduced delay variations in the loop, and tos is the time offset between
the falling edges of REF and DIV in the absence of any deterministic and
random noise. During the same phase, to compensate for the deterministic
part in VSG , the DAC output voltage, VDAC , is also impressed on CDAC ,
while the bottom plate of its unit capacitors (Cu ) is connected to the ground.
Note that the same unit capacitors will be used as the charge-scaling DAC
by the ADC in the conversion phase. The DAC control code, nDAC , is
determined by the accumulated quantization error of the ∆Σ modulator
driving the divider (Eq in Fig. 5.2)
c
nDAC = (Eq,max − Eq )/K
DAC ,

(5.2)

where Eq,max is the maximum value of Eq (with a second-order ∆Σ moduc
lator and the resampling technique in Section 5.3.2, Eq,max = 0.5). K
DAC is
the estimation of DAC gain, KDAC = (Vres · CSG )/(TCKV · ISG ), where Vres is
the DAC voltage resolution. When it is accurately estimated, the sampled
VDAC can be calculated by
VDAC = VDAC,os + nDAC × Vres
= VDAC,os + (Eq,max − Eq ) × TCKV × (ISG /CSG )

(5.3)

where VDAC,os is an offset voltage independent of nDAC . In the next step
φcomb , VSG and VDAC are combined by connecting the top plate of CDAC
to the bottom plate of CSG through S4 . By summing (5.1) and (5.3), the
generated ADC input voltage becomes
VIN =tn × (ISG /CSG )+
[VDAC,os + (ISG /CSG ) × (tos + Eq,max × TCKV )].

(5.4)

The second term in (5.4) is time-invariant related to tos . Due to the
feedback operation of the loop, tos will be adjusted automatically such
that the corresponding term settles to the ADC’s reference level, Vref .
Therefore, the ADC only needs to convert the input variations related to tn .
Meanwhile, the charge-recycling switching technique is also employed in the
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Figure 5.4: Schematic of (a) the current DAC and (b) the slope generator. Note the shift
on Vs due to the drain of Mc being at a different potential than that of Mcb .

φconv step to improve the ADC power efficiency [113]. Note that the system
is designed so that VDAC,os and the CSG charge due to tos equally provide
the required input DC offset. Hence, the maximum voltage on the CSG and
CDAC capacitors is limited to ∼Vref /2, providing enough voltage headroom
for the PMOS current sources to operate linearly. In contrast, the DAC
and slope generator in [110] sequentially charge the same capacitor to ∼Vref .
This reduces the voltage headroom of the slope generator’s current source,
substantially degrading its linearity in a deep sub-micron technology with
reduced supply.
5.3.1.2

Circuit Design

Fig. 5.4 (a) shows the DAC schematic, consisting of 290 unary cascode
current sources to satisfy the range and linearity requirements. As the
DAC is biased through the current mirror, the DAC output variation due
to the supply ripple can be estimated by
VO,DAC ≈

RL
· Arip
RL + ro,s1 + ro,s2 + gm,s2 ro,s1 ro,s2

(5.5)

where gm,s1(2) and ro,s1(2) are the small-signal transconductance and output
resistance of Ms1(2) , respectively. Eq. (5.5) shows that the high output
impedance of the cascode structure is also beneficial in suppressing the
supply-induced variation at the DAC output, and consequently, Ms1,2
are implemented as long channel devices. During the output current
transition from one branch to the other, the voltage across the current

VO,DAC
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Figure 5.5: (a) Schematic of the bootstrap switch, and (b) simulated performance of S4
during tracking phase.

source, as observed at Vs , is affected. This dynamic disturbance couples to
the bias voltage of the current mirror through the parasitic capacitance
of Ms1,2 , degrading the DAC settling speed and linearity. To alleviate
this issue, dynamic element matching is employed to relax the matching
requirements [114] and to reduce the Ms1 size and parasitic capacitance.
Moreover, to remove the dependence of the output transition on the previous
DAC samples, a return-to-zero encoding is adopted here by resetting the
DAC output before each conversion. The implementation of the slope
generator is shown in Fig. 5.4 (b). Similar to the current DAC, a cascode
current source is employed for better linearity and reduced supply sensitivity.
After the output voltage, VO,SG , has been sampled on CSG , the pull-up
transistor, Mpu , will pull the output node to the supply in order to suppress
any leakage current through switch S1 during the following steps (see
Fig. 5.3).
A bootstrap technique, as shown in Fig. 5.5, is employed to implement
the sampler (S1,3 ) and voltage combiner (S4 ) switches of Fig. 5.3 for the
purpose of minimizing their on-resistance. In the conventional bootstrap
switch [115, 116], due to the reliability considerations of M10 , NMOS
M9 with its gate directly connected to supply is added to charge Vm to
around VDD − Vth during the tracking phase. However, since M9 is on
the verge of turning on, its equivalent resistance is not large enough to
suppress the leakage. Unlike in ADC designs, where the input is normally
considered a ‘voltage source,’ the input of S4 is stored as charge on CDAC
[see Figs. 5.3 (c) and (d)]. Therefore, the leakage through M9 causes the
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Figure 5.6: (a) Schematic of the comparator in SAR ADC. (b) Simulation results of its
kick-back effect.

input level to decrease slowly during the tracking phase, ultimately leading
to nonlinearity during the ADC conversion. To overcome this, the M9 gate
is also connected to CLK, and M11 is added to pull-up Vm to fully turn
off M9 during the tracking phase, providing a large enough off-resistance.
With the new design, simulations prove that Vin remains constant, and
the initial drop due to the charge sharing with parasitic capacitance is
compensated by the KDAC estimation. Since Vin is less than 360 mV in this
design, M9,10 should not suffer from any reliability issues.
The comparator used in the SAR ADC is shown in Fig. 5.6 (a). During
the comparison (i.e., CLK=1), the voltage perturbation at the internal
nodes (e.g., Vs jumping to ground and the variation at the source of M3 ) is

Vref,CDAC
64Cu
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Figure 5.7: Capacitor arrangement of the CDAC in SAR ADC.

coupled to the input, disturbing the input voltage and comparator’s decision
[see Fig. 5.6 (b) left]. To alleviate this kick-back effect, dummy capacitors
[see the red dotted region in Fig. 5.6 (a)] and a sampling switch (Mref )
are placed at the other input of the comparator to sample the reference
voltage, Vref,samp , in every reference cycle. Both VIN and Vref,samp are affected
similarly by the kick-back, and consequently, the comparator can decide
correctly, as shown in Fig. 5.6(b). Moreover, the supply ripple can also
couple to the comparator’s inputs through the drain-source/gate-drain
parasitic capacitance of MSG /Mref , potentially affecting the comparator’s
decision. Hence, two dummy switches, MSG,dum and Mref,dum are also
inserted [see the components in blue in Fig. 5.6 (a)] such that the supply
ripple appears as a CM voltage at the comparator’s inputs, thus securing
its seamless operation. Finally, the common source node of M1,2 , Vs , is
also pulled up to a fixed voltage during the charging and combining phases
to remove the memory of the last conversion at the comparator’s internal
nodes [see the components in green in Fig. 5.6 (a)].
The arrangement of the 6-bit CDAC in the SAR ADC is also reflected in
Fig. 5.6 (a). A fixed capacitor, Cfix , is included to adjust the ADC resolution.
For the charge-recycling switching, the MSB capacitor in CDAC is further
split into a sub-array (see Fig. 5.7) to realize the down-transitions after the
first conversion cycle.
Figure 5.8 reports the simulated supply sensitivity (the ratio between
the variations of the PD resolution normalized to its nominal value and the
supply voltage) of the implemented PD, reading β ≈ 0.325 V−1 around the
1 V supply, which is about 3.7∼ 6.3 times lower than that of the conventional
TDC/DTC. To further improve the spur performance, a second-order ∆Σ
modulator is employed, as discussed in the following section.
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Figure 5.8: Simulated supply sensitivity of the PD.

5.3.2

Divider and Resampler

The oscillator’s frequency is divided down by a 6-bit MMDIV, implemented by cascading six stages of divide-by-2/3 cells [117]. A second-order
∆Σ modulator drives the MMDIV to randomize the pattern of division
ratio, thereby further suppressing the possible spurs at the intermodulation
frequencies and ensuring proper convergence of the KDAC calibration at
near-integer channels. However, the maximum time duration in which the
slope generator is active increases to 2TCKV in this case. Hence, the dynamic
range of VSG is double in comparison with the first-order modulator case,
thus compromising the linearity of the cascode current mirror in the slope
generator. To reduce the maximum time error related to the high-order
∆Σ modulator, [118] proposed to sequentially resample the divider output
by the rising and falling edges of CKV with two flip-flops. Although a
fixed timing relationship could be guaranteed in this way, the delay of
the flip-flop could easily reach 0.5TCKV at higher oscillation frequencies,
leading to a metastability problem. In this design, the divider output is
directly resampled in parallel by both the rising and falling edges of CKV
(see Fig. 5.9). The following 2-to-1 MUX then selects between the two
resampled outputs (DIVr & DIVf ), realizing a quantization step of 0.5TCKV
and reducing the dynamic range of the slope generator to only one TCKV
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Figure 5.9: Block diagram of the MMDIV and the resample system.

(±0.5TCKV ). The correct timing relationship is sensed by the sequence
detect block and the result (Rlead ) is provided to correctly control the
divider. Besides, a tunable delay (td ) is inserted before the rising-edge
triggered resampling flip-flop and calibrated on-chip to avoid metastability.
More details will be further elaborated in Section 5.3.3.1.
The input to the ∆Σ modulator represents the fractional frequency ratio
between the PLL output and the reference in the unit of the quantization
step. Therefore, to correctly control the divider with its quantization
step being halved through resampling, the input to the ∆Σ modulator,
FCWF , is doubled first, while the modulator output is divided by two to
cancel this effect (see Fig. 5.2) since the divider itself is still an integer
one. The integer part of the division result adds with the integer part of
the frequency control word, FCWI , to form the division ratio of MMDIV
(Ndiv ), while its fractional part is accumulated. By default, DIVf leads
DIVr (Rlead = 0). Hence, the 1-bit sum of the accumulation (sel) controls
the MUX to pass through DIVr when the 0.5TCKV time step is required,
and when a carry-out signal is generated, Ndiv is further increased by 1.
When DIVr leads DIVf (Rlead = 1), an extra 1 is added to Ndiv when DIVr
is selected to compensate for the reversed timing relation between DIVf,r .
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5.3.3

Digital Calibration

5.3.3.1

Calibration of td
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Since the MMDIV is triggered by the falling edge of CKV, its output
(DIVint ) may fall intolerably close to the CKV rising edge. Thus, a tunable
delay (td ) is inserted before the rising-edge triggered resampling flip-flop to
avoid metastability. As shown in Fig. 5.9, the tunable delay block aligns its
output (DIVd ) with the following falling edge of CKV, so that the maximum
setup and hold margin could be guaranteed when sampled by the CKV
rising edge. To find the proper value of td , its control code is swept, and
for each delay setting, the delayed output (DIVd ) is sampled by the falling
edge of CKV to obtain the calibration input, CALin . The optimum control
code is reached when CALin jumps from high to low. A similar principle
is used in [119] to delay the rising-edge triggered divider output close to
the CKV falling edge so that it would not experience metastability when
getting retimed by the CKV rising edge again. However, it faces a dilemma
that the proper td value needed during the PLL locking should be obtained
with the oscillator operating at the desired frequency, which is guaranteed
after the loop is locked. The problem is more severe under the supply
ripple since both the divider output delay and td are affected by the supply
perturbations. Thus, due to the incorrect phase relationship between the
reference and the supply ripple and the inaccurate TCKV , the td values
calibrated before the loop settles may also lead to metastability during
the normal operation. In this design, DIVf is guaranteed to be free of
metastability through obtaining DIVint from the Mout terminal of the first
divide-by-2/3 cell (see Fig. 5.9) while placing the corresponding resampling
flip-flop in close proximity. Hence, the locking of the loop is guaranteed
by operating the ∆Σ modulator in the first-order mode and fixing sel to 0
initially. Then, the proper td values are calibrated under the correct phase
relationship between the reference and the ripple. After the td calibration,
the loop switches seamlessly to the second-order ∆Σ operation mode with
the resampling process enabled.
The dynamic range of td is designed to cover at least one TCKV in the
fast process corner. Considering the delay variations under different PVT
conditions, the calibration may align DIVd to the first or second falling
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edge after DIVint . Therefore, instead of only sampling DIVint by the CKV
falling edge once [118, 120], two flip-flops in cascade (see Fig. 5.9) perform
this sampling twice so that DIVf always leads or lags DIVr by only 0.5TCKV .
The uncertainty in the timing relationship is then resolved by the sequence
detect block through mutual sampling DIVf,r by each other, and its output
Rlead is used to correctly generate Ndiv .
If the DC supply voltage shifts after the td calibration, DIVd would
deviate from its optimum position, and the rising-edge triggered resampling
flip-flop may re-enter its metastable state in case DIVd becomes too close to
the CKV rising edge again. However, only an intermittent re-calibration of
the td value is sufficient considering more than 40 mV of tolerable variation
of the DC supply as obtained from simulations. Meanwhile, by varying the
td control code around the calibrated one when sel is 0, the corresponding
calibration algorithm could be easily modified to operate in the background
and update the td value when the non-optimum condition is detected.
5.3.3.2

Calibration of Resampler’s Mismatch

In the resampling system, any mismatch between the two resampling
paths, including the delay mismatch and the deviation from the 50% CKV
duty cycle, would lead to spurs at ffrac . In [118, 120], this mismatch is
compensated by a DTC through an LMS algorithm [121]. However, in
the proposed design, compensating the mismatch through the DAC would
increase the dynamic range of slope generator and DAC, thus affecting their
linearity performance. Meanwhile, the finer DAC resolution (∼0.5 mV for
∼0.5 ps equivalent time resolution) required for the accurate compensation
also leads to a larger DAC area and power consumption due to more
stringent matching requirements and more complex decoding logic. To
avoid these issues, the mismatch is compensated directly at the MUX
output with a bank of variable capacitors consisting of seven thermometercoded switched capacitors for coarse-tuning and 48 thermometer-coded
MOS capacitors for fine-tuning. The MOS capacitors are sized to achieve
∼0.5 ps resolution, thus guaranteeing the <−50 dBc spur level. Since, in
practice, the variable capacitors only need to cover a delay range of several
picoseconds, its delay step is not expected to largely deviate from the
nominal value. Meanwhile, the integral non-linearity requirement of the
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capacitor bank is largely relaxed as long as its monotonicity is preserved.
The control codes of the variable capacitors, Cmc and Cmf , in Fig. 5.9,
are generated through the LMS algorithm (see Fig. 5.2). Under a DC-DC
converter supply ripple, the mismatch between the two resampling paths
periodically changes, and consequently, the compensated Cmc and Cmf
values must be adjusted accordingly. Note that the mismatch variation will
be further sampled by the pattern of the MUX selection signal. Thus, in
general, the resulting pattern is no longer located at frip , and could not be
tackled by the ripple pattern estimation and cancellation block introduced
in the following subsection.
Since, in a practical system, the PLL reference frequency (fref ) is
typically provided by a highly stable crystal oscillator, it is reasonable
to generate the switching frequency (fsw = frip ) of the DC-DC converter
powering the PLL directly through dividing down fref . Hence, frip = fref /n
(n = 1, 2, 3, . . . ), where the integer n represents the division ratio of the
corresponding frequency divider. Though the highest fsw is limited to fref
under this arrangement, an even higher fsw would not be preferred due
to the complexity of an extra block required to generate fsw . Meanwhile,
fsw should also be chosen carefully, balancing the trade-off between the
increase in losses of converter switching and clock distribution at the upper
fsw end and the sheer complexity of the frequency divider with a large
division ratio at the lower end. Bearing these in mind, for fref = 50 MHz
in this design, we selected fsw to be equal to fref divided by 3, 6 or 12.
Therefore, the mismatch pattern repeats itself every n (n = 3, 6 or 12 in
this design) reference cycles. As a result, n separate LMS loops are used
to calibrate Cmf , with the ith (i = 1, . . . , n) loop calibrating the Cmf of the
k × n + i (k = 1, 2, 3, . . . ) reference cycles. Such an arrangement would
guarantee proper compensation even under the pessimistic assumption that
the mismatch could vary by a large amount under the 50 mVpp supply ripple
considered here. When the mismatch, and correspondingly, its variation
under supply ripple, is largely reduced through carefully balancing the delay
between the two resampling paths in the design phase, it is also feasible to
implement only one LMS loop calibrating the DC value of Cmf . Another
LMS loop is also implemented to calibrate an average Cmc code for all
reference cycles to simplify the calibration process. The detailed operation
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Figure 5.10: (a) Block diagram of the ripple pattern estimation and cancellation; (b) an
example of calibration waveform with frip = fref /12.

of the calibration process will be further discussed in Section 5.3.3.4.
5.3.3.3

Ripple Pattern Estimation and Cancellation

As discussed in Chapter 2, the output delay perturbations of MMDIV
and resample flip-flops caused by the supply ripple are sensed by the PD,
and thus, they appear as spurs at the DPLL output. The subsequent
pattern estimation and cancellation block, shown in Fig. 5.10, is used to
suppress this effect. Since the SAR ADC output, PDout , shows a periodic
digital pattern at frip due to supply-induced delay variations, the task of
this digital block is to extract this pattern and subtract it from PDout
before modulating the oscillator. To do so, n (= fref /frip ) branches [PATHi
in Fig. 5.10 (a)], each storing one different point of PDout , are rotationally
enabled.3 As a general case, PATHi outputs 0 initially, which approaches
3

For large n (i.e., small fsw /frip ), the variation of the supply ripple between consecutive reference cycles
is small. Hence, the number of the branches may be reduced through reusing the calibrated value of the
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the ith value in one period of the frip pattern at PDout after the calibration
is enabled. Hence, by subtracting PDpat from PDout , the effect of the supplyinduced delay variations is suppressed. The Navg -point moving-average
filter in PATHi is employed to suppress the random noise component
in PDout to guarantee accurate estimation of the frip pattern. To ease
the implementation, the value of Navg is limited to integer powers of 2,
and simulation shows that Navg ≥ 16 is required to suppress the possible
PN degradation. In this design, Navg = 64 is used to guarantee that the
inherent PN performance of the loop is preserved. A high-pass filter (HPF)
is also inserted at the front. The HPF avoids the detected phase error
at low-frequency offsets from entering the calibration loop and affecting
the generated pattern PDpat . Hence, the PN performance of the DPLL
at low-frequency offsets would not be affected by this calibration. The
corner frequency of the HPF, controlled by λ, is set to ∼125 kHz so that
the deviation in the magnitude and phase response of the HPF does not
limit the spur level at frip . A similar algorithm is employed in [122] to
suppress the fractional or external DPLL spurs, consuming ∼ 2 mW for
each calibration loop. In contrast, fref /frip in this design is a known integer
determined during system planning, allowing us to avoid the need for the
complex fractional delay filter and the extra calibration loop to optimize the
filter coefficient, as in [122], resulting in a much lower power consumption.
Meanwhile, after the accurate PDpat is obtained, the extraction process
is also turned off by disabling the enable signal (En). After that, only
the output of each branch is preserved with all other calculations in the
calibration loop disabled, which further reduces the current consumption
to ∼ 80 µA. Compared to the ∼ 2 mW consumed by the loop components,
the power efficiency is thus only degraded by ∼ 4%. The extraction process
may also keep operating in the background to track environmental changes
if needed, raising the power consumption to ∼190 µA. Otherwise, a simple
digital threshold detector could be implemented to monitor PDcor and only
trigger the extraction process when PDcor exceeds the predefined threshold
value, lowering the extra power penalty.
Note that the algorithm cannot suppress the effect of supply noise.
Hence, the phase noise induced by the supply noise is determined by the
k × n + i (i = 1, 2, 3, . . . ) reference cycles for the nearby reference cycles (i.e., k × n + i ± 1, . . . ).
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designs. Meanwhile, in the practical setting, the DC-DC converter typically
shows a much lower output noise compared to LDOs [50, 56, 123, 124],
thus posing no significant degradation to the loop performance. It is also
possible that some noise may be coupled from other functional blocks when
used in a larger system. However, the tolerance to this interference from
the loop components is relatively high (see Chapter 3), alleviating their
effect.
5.3.3.4

Co-operation of Calibration Loops

The detailed block diagram of the LMS loops calibrating KDAC and
Cmc/f is shown in Fig. 5.11. The error signal, PDcor , is cross-correlated with
(0.5 − Eq ) and also with the selection signal (sel) of the resampler’s MUX. A
simple first-order IIR filter follows to attenuate non-DC components after
the correlation. Note that it is the inverse of KDAC , 1/KDAC , that is actually
being estimated so that the calculation of nDAC is realized with a multiplier
instead of a divider, thus saving power consumption and hardware. The
estimation of the coarse Cmc and fine Cmf control codes is completed in
two steps. First, the controller enables the LMS loop to calibrate for an
average Cmc value over a predefined number of reference cycles. Cmc is
then fixed and the corresponding LMS loop disabled, while starting the
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Figure 5.12: Convergence trajectory of the calibration process with frip = fref /12.

calibration of the fine-tuning code Cmf . As discussed in Section 5.3.3.2,
Cmf is estimated cyclically through n = fref /frip LMS loops (see Fig. 5.11),
with the ith (i = 1, . . . , n) loop correlating the PDcor and the sel signal
of the k × n + i (k = 1, 2, 3, . . . ) reference cycles. The individual results,
Cintf,i , are monitored by the controller and directly passed onto Cmfi to form
the Cmf sequence if they remain within the [0, 48] range. When the limits
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are exceeded, the controller adds/subtracts 32 to/from Cintf,i to generate
the corresponding Cmfi , while decreasing/increasing Cmc by two for the
k × n + i reference cycles. Therefore, the fine-tuning range is extended with
a minimal disturbance introduced during the LMS calibration process.
Fig. 5.12 plots the simulated convergence trajectory of the calibration
process with frip = fref /12. The induced mismatch is large to clearly
demonstrate the settling behavior. In general, the implemented calibration
loops could operate in parallel without a dedicated calibration sequence due
to the difference in signal patterns they operate on: The signals that PDcor
is correlated with are related to ffrac , with (0.5 − Eq ) showing the highpass shaped noise spectrum of the ∆Σ modulator and the sel signal being
rich in discrete tones at ffrac and its harmonics, while the ripple pattern
cancellation algorithm extracts the pattern at frip . To increase the settling
speed, a larger integration step (µKDAC,0 and µCmf,0 ) is employed initially
and then gear-shifted to their final values of µKDAC,0 /32 and µCmf,0 /32 in
two steps under the control of a reference cycle counter in order not to
affect the loop performance during the normal operation. As shown in
Fig. 5.12, the settling time of the whole calibration process is ∼ 64 µs and
is dominated by the Cmf calibration. For special cases of ffrac being close
to frip or its harmonics, the frequency of the sel pattern becomes related
to frip , and the interaction between the Cmc/f calibration and the ripple
pattern cancellation could impede the proper loop convergence. However,
the problem could be avoided by disabling the Cmc/f calibration in this
scenario, while the ripple pattern estimation and cancellation block could
cancel the effects of both the supply induced delay perturbation and the
resampler’s mismatch that is small enough as not to saturate the PD
output.
5.3.4

LC Oscillator and Supply Pushing Calibration

The structure of the complementary LC oscillator is shown in Fig. 5.13.
It consists of 7-bit 5.2 MHz/LSB binary and 63-bit 125 kHz/LSB unary
switched-capacitors for coarse and fine frequency tuning, respectively. An
extra switched-capacitor controlled by a first-order ∆Σ modulator is also
added to further improve the frequency resolution to ∼15 kHz. The first
stage of the oscillator’s buffer is implemented by an NMOS common-source
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Figure 5.13: Schematic of the LC oscillator with its calibration loop.

amplifier with a load resistor. A tiny NMOS is intentionally used in this
stage so that the variation of its input parasitic capacitance due to the
supply ripples would not affect the oscillator’s performance. Three stages
of self-biased inverters then generate a rail-to-rail square wave that drives
the MMDIV and the resampling flip-flops.
Similarly to Chapter 4, a ripple replication block (RRB), controlled
by the 6-bit St [5:0] from the calibration loop, is designed to replicate the
supply ripple to the gate of M0 with a proper gain to stabilize the oscillator
tail current and reduce its supply pushing. M0 is also implemented as
a parallel combination of a fixed part, M0,fix , with a bank of switchable
unit transistors, M0,i , to tune the tail current and, correspondingly, the
oscillation swing. Thus, compared to the conventional LDO/oscillator
integrated solution, the extra voltage headroom consumed by the LDO’s
pass transistor is saved through performing both supply regulation and
current tuning with only one transistor, as already pointed out in Chapter 4.
The principle of the St calibration is also similar to that proposed in
Chapter 4. The calibration loop first detects and amplifies the variation of
the oscillation amplitude. A digital algorithm then determines the optimum
code to minimize that amplitude variation, thereby reducing spurious tones.

M1

0

M2

Vb,amp

C0

M12

(b) Vb,S2D

(a)

112

Vb,amp
M10

Vosc,n(p) increase

Vp1,S2D

M5

0.11V

Vo,pd
0ns

5ns

10ns

Vosc,n

Vb,cm

CM
Vp2,S2D

Vo,pd

90
75
60
45
30
15
0
-15
-30
-45

M1

M2

C0
Vb,S2D

(a)
Vo,sig-Vo,rep
Vi,comp

Vb,cm

M4
Vo,sig
Vo,rep

Vp1,S2D

15ns

Vo,pd
M0

M6

Vp2,S2D

M3

Residue variation at fosc

Vosc,p

PSRR (dB)

M17

S2D Bias

0.12V

(c)

M13

Supply Insensitive Fractional-N Digitally Intensive PLL

0.13V

0.1V

M11

Vop,amp-Von,amp

M14

M16

Vg,amp

M15

Vop,amp
Von,amp

Vo,amp
M18
104 105 106 107 108 109
Frequency (Hz)

M7

M17

(b) Vb,cm

Vg,amp

M9

M8

Vb,amp
M13

Vb,amp
M11

M10

M12

Figure 5.14: Schematic of (a) the peak detector and (b) the amplifier chain in the oscillator
calibration loop. (c) Simulated PSRR of the loop.

The reduced supply pushing is also beneficial in significantly suppressing the
conversion of thermal noise of supply to phase noise. Foreground calibration
is selected due to the relatively relaxed spur requirement of the targeted
applications (i.e., <−50 dBc) and the slow supply and temperature drifts of
a low-power system whose effect could be compensated with intermittent
re-calibrations. However, the calibration loop in Chapter 4 still needs to be
powered with a clean supply to operate correctly. In this section, we tackle
this issue by modifying the structure of the peak detector and amplification
chain.
Fig. 5.14 (a) shows the peak detector, consisting of an NMOS transistor,
M0 , and a load capacitor, C0 . The gate and source terminals of M0 are
driven by the oscillator’s differential output, Vosc,n(p) .4 Hence, M0 acts
as a switch and approximately turns on for half of the oscillator cycle
when Vosc,p ≥ Vosc,n + Vth . During this phase, the low-pass filter formed by
4

A dummy branch with the gate and source terminal of M0 being swapped is also included to avoid
asymmetry between the differential outputs of the oscillator.

M
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Figure 5.15: Chip micrograph of the DPLL.

M0 on-resistance and C0 filters out the high frequency components and
extracts the average value of this half-cycle, leading to a peak detection
gain of ∼1/π. Since the peak detector is not connected to the supply, its
performance is not affected by the supply ripple.
Fig. 5.14 (b) shows the amplifier chain located between the peak detector
and comparator. Similarly to the DAC current source, the first amplifier
stage is implemented with a cascode PMOS current mirror for higher power
supply rejection ratio (PSRR). We now inspect the outputs of the firststage amplifier. The supply ripple and the peak detector voltage appear
as common-mode (CM) and differential-mode (DM) signals, respectively.
Therefore, when these signals are sent to the following differential amplifier
stages, the desired signal is further amplified, while the supply-induced
variations are suppressed by their CM rejection ratio (CMRR). As can
be gathered from simulation results in Fig. 5.14 (c), PSRR is higher than
60 dB at the comparator’s input over the desired frequency range (i.e.,
2–20 MHz), enough for the calibration loop to function correctly under the
50 mVpp ripple.

5.4

Measurement Results

The proposed fractional-N DPLL is implemented in TSMC 40-nm
1P8M CMOS without the customary ultra-thick metal layers. Fig. 5.15
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shows the chip micrograph. The DPLL has an active area of 0.39 mm2 ,
in which the oscillator, the current DAC, and the digital part occupy
0.157 mm2 , 0.14 mm2 , and 0.056 mm2 , respectively. Powered by a 1.0 V
supply, the whole loop consumes 3.25 mW (1.02 mW for DCO, 0.92 mW for
PD, and 0.63 mW for the digital part).
The DPLL is first set to an open-loop mode to measure the performance
of the free-funning DCO. The measured tuning range (TR) is 4.47–5.14 GHz.
Fig. 5.16 (a) shows the measured PN performance across the TR. PN
varies from −109.8 to −111.8 dBc/Hz @1 MHz offset, with a flicker noise
corner around 80 kHz. The effectiveness of the modified calibration loop is
verified in Fig. 5.16 (b)–(d). In these measurements, a 50 mVpp sinewave
ripple is applied to the supply of the oscillator core and its calibration
loop. Fig. 5.16 (b) compares the oscillator spectrum before and after the
calibration. Under the 50 mVpp 5 MHz supply ripple, the measured spur
level is reduced by 32.5 dB and reaches −60.7 dBc after the calibration.
Fig. 5.16 (c) shows the measured spur level over the frequency of the supply

-55
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-65
-70
4.4
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ripple. The oscillator exhibits lower than −51 dBc spur level with the
0.5-to-20 MHz 50 mVpp supply ripples, while the calibration loop is able
to successfully find the optimum operating point in most cases. The
improvement after the automatic calibration is between 13.8 to 36.6 dB for
4 ∼17 MHz ripples. The rise of the spur level after the calibration at higher
frip is due to the limited bandwidth of RRB, since a phase shift between
the supply ripple and its replica would result in a partial cancellation
of the oscillator’s tail current variation, as discussed in Section 4.3.1.1.
In Fig. 5.16 (d), the spur level is measured across the oscillator TR. The
worst-case spur level under the 50 mVpp 5 MHz ripple is ≤−59 dBc, while
the calibrated value also follows the optimum one successfully on most
occasions. The improvement after the calibration is higher than 30 dB
across the TR.
The DPLL is measured with a 50 MHz external crystal reference clock
and under the 50 mVpp supply ripple. Fig. 5.17 shows the measured PN plot
for both the integer-N and fractional-N channels around 4.8 GHz when
frip = fref /6. The rms jitter integrated from 10 kHz to 30 MHz is 423 fs for
the fractional-N operation, and 409 fs for the integer-N operation.
The measured DPLL PN is compared with the estimated values in
Fig. 5.18. The phase-domain PN estimation is obtained based on the linear
s-domain model of the loop, while the time-domain estimation is calculated
from the simulation results of the DPLL model in Matlab. The main
difference between the measurement result and the estimated PN at low
frequency offsets could come from the inaccurate values of the flicker noise
of the building blocks. Also, the flicker noise of the comparator, which
is difficult to identify from simulation [125], is not considered in the PN
estimation, and the simulated input-referred noise of the comparator is
assumed to be white. To reduce the parasitic capacitance of the comparator,
relatively small transistors are used in the comparator design. Thus, its
flicker noise may have a large impact on the low frequency PN of the loop.
Fig. 5.18 also plots the phase domain estimation of the noise from major
PN contributors in the loop. The noise of the loop components, including
the noise from the phase detection circuitry, the noise from the divider and
the following resampler, the quantization noise of the ADC, etc, contributes
almost half of the integrated jitter, while the other half is dominated by
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FCW=96

(a) Int-N
FCW=96.03125

(b) Frac-N
Figure 5.17: Measured DPLL PN at (a) integer-N and (b) fractional-N channels around
4.8 GHz.

the DCO. This results in a DPLL bandwidth setting around the optimal
in terms of the jitter performance [14].
The bandwidth of the DPLL is also varied and the measurement results
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Figure 5.19: Measured DPLL phase noise for different bandwidth settings at around
4.8015 GHz.

are shown in Fig. 5.19. The phase noise of the free running oscillator is
also added for comparison. For a wide bandwidth setting of ∼ 3 MHz, the
in-band PN is reduced to −104 dBc and is dominated by the thermal noise
of the phase detection circuitry and the quantization noise of the SAR ADC.
In contrast, under a narrow bandwidth setting (∼ 0.25 MHz), the DCO
noise is not adequately suppressed at low frequency offsets and the in-band
phase noise is degraded by about 4 dB. However, the phase noise at higher
frequency offsets become closer to that of the free-running oscillator due
to the better filtering of the PD noise. At the default bandwidth setting of
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Figure 5.20: Measured DPLL spectra when the 50 mVpp fref /12 (fref /3) supply ripple is
applied to (a) (d) the oscillator and its calibration loop, (b) (e) the loop components, and
(c) (f) the whole DPLL.

around 500 kHz, an optimum integrated jitter of 423 fs is achieved, which
increases to 636 fs and 528 fs for the wide and narrow bandwidth setting,
respectively.
The DPLL output spectrum with the default bandwidth setting is
measured in three different scenarios. In Fig. 5.20 (a), a 50 mVpp 4.167 MHz
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Figure 5.21: Measured fractional spur levels versus fractional FCW (FCWF ).

(i.e., fref /12) ripple is applied to the oscillator and its calibration loop. The
spur at frip due to the oscillator supply pushing is suppressed by 37 dB
and reaches −62.7 dBc after the corresponding calibration is performed.
The same ripple is then applied to the DPLL components except for the
oscillator. As shown in Fig. 5.20 (b), the spur at frip due to the delay
variations of the loop components is −61.5 dBc, improving 31.6 dB thanks
to the ripple pattern estimation and cancellation technique. Finally, the
same ripple is applied to the entire DPLL. As shown in Fig. 5.20 (c),
when all calibration loops are enabled, the frip spur is reduced by 34.4 dB
and reaches −60.5 dBc. In all three cases, the spur at ffrac due to the
residue mismatch of the resampling block is <−60 dBc after the mismatch
calibration, while the spur at 2 × ffrac originating from the nonlinearity of
PD remains <−71.6 dBc. Extra spurs at frip ± ffrac and 2frip ± ffrac with
levels <−66 dBc could also be observed in Fig. 5.20 (b) and (c). These
spurs come from the undesired coupling between the supply of PD and
the DCO output, both routed on the top metal layers with only ∼10 µm
spacing, and could also be observed when the oscillator is left free-running.
In contrast, these spurs disappear when no ripple is applied to the PD
supply. To suppress these spurs, the distance between the PD and the
oscillator should be increased in future designs.
Similar measurements are performed when the frequency of the 50 mVpp
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Figure 5.22: Measurements of the free-running DCO under sawtooth ripples: (a) spectrum
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ripple is increased to fref /3 (i.e., 16.67 MHz). As can be gathered from
Fig. 5.20 (d)–(f), the frip spur is dominated by the oscillator supply pushing
since the spur level due to the delay variations of the DPLL components is
further suppressed by the low-pass transfer function of the loop. Fig. 5.21
shows the measured spur level at ffrac and 2ffrac across the fractional
frequency, indicating that the mismatch calibration improves the in-band
(out-of-band) ffrac spur level by about 9 ∼14 dB (3 ∼7 dB). Furthermore,
considering both ffrac and 2ffrac spurs, a worst-case spur level of −55 dBc
is achieved after the calibration.
The oscillator and the DPLL are also measured under sawtooth ripples
to better mimic the actual scenario of being directly powered by a switchedmode DC-DC converter. Fig. 5.22 shows the measured performance of the
free-running DCO when a 50 mVpp sawtooth ripple is applied to both the
oscillator core and the calibration loop. Fig. 5.22 (a) compares the oscillator
spectrum before and after the calibration. At a 5 MHz ripple, the spur
at the fundamental offset is reduced by 26.8 dB and reaches −57.3 dBc
after the calibration. Fig. 5.22 (b) plots the measured spur levels over the
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Figure 5.23: Measured DPLL PN at (a) the integer-N and (b) fractional-N channel
around 4.8 GHz under the sawtooth ripple.

ripple frequency. In the entire span of 0.5-to-20 MHz, the highest spur is
≤−46.8 dBc. The observed improvement after the automatic calibration is
13.3 to 24.6 dB for 4 ∼17 MHz ripples. The entire oscillator TR was also

-105
4.7878 4.7906 4.7934 4.7962 4.7990 4.8018 4.8046 4.8074 4.8102 4.8130 4.8158

(b)

-105
4.7878 4.7906 4.7934 4.7962 4.7990 4.8018 4.8046 4.8074 4.8102 4.8130 4.8158

(b)

Frequency (GHz)

122

Supply Insensitive Fractional-N Digitally Intensive PLL

-5

-5

-75

Spectrum (dBm)

16.3dB

-65

-45

-59.7dBc

-35

8.7dB
20.5dB

30.4dB

-60.7dBc

Spectrum (dBm)

-25

1.2dB

-55

(1) at ffrac (2) at 2ffrac (3) at frip-ffrac:
-54.5dBc -72.9dBc -64.6dBc
-60.4dBc -72.6dBc -64.8dBc

-15

-69.7dBc

-69.6dBc

-45

-64.4dBc

-25

(2) at 2ffrac (3) at frip-ffrac:
-72.4dBc -62.4dBc
-72.8dBc -63.6dBc
-72.9dBc -64.6dBc

-64.5dBc

(1) at ffrac
-54.8dBc
-55.1dBc
-54.5dBc

-15

-35

Frequency (GHz)

-55

5.9dB

-65
-75

(1)

-85
-95

(1)
(3)

w/o cal.

after Kpush cal.

(2)

-95

after rip. pat. canc.

-105
4.7878 4.7906 4.7934 4.7962 4.7990 4.8018 4.8046 4.8074 4.8102 4.8130 4.8158

(a)

-85

Frequency (GHz)

(3)

after rip. pat. canc.

(2)

after mismatch cal.

-105
4.7878 4.7906 4.7934 4.7962 4.7990 4.8018 4.8046 4.8074 4.8102 4.8130 4.8158

(b)

Frequency (GHz)

Figure 5.24: Measured DPLL spectrum under a 50 mVpp fref /12 sawtooth ripple at the
initial state [red curve in (a)], and after enabling the oscillator supply pushing calibration
[green curve in (a)], after enabling the ripple pattern estimation and cancellation [blue curve
in (a) / red curve in (b)], and after enabling the divider resampler mismatch calibration
[blue curve in (b)] sequentially.

scanned and the result is shown in Fig. 5.22 (c). The worst-case spur level is
≤−57.3 dBc under a 50 mVpp 5 MHz sawtooth ripple, while the calibrated
value follows the optimum one in most cases. The improvement after the
calibration is > 26 dB across the TR.
Fig. 5.23 shows the measured PN and spurious performance for both the
integer-N and fractional-N operation around 4.8 GHz under the 50 mVpp
sawtooth ripple when frip = fref /6. The integrated jitter is 428 fs for the
fractional-N operation, while it is 411 fs for the integer-N operation. As
expected, the PN performance of the DPLL under sawtooth ripples remains
similar to that measured with sinusoidal ripples.
The measured output spectrum of the DPLL under a 50 mVpp 4.167 MHz
(i.e., fref /12) sawtooth ripple is shown in Fig. 5.24. Compared to the initial
state where no calibration is performed, the spurs at frip and its harmonics
induced by the ripple on the oscillator supply are suppressed after the supply
pushing calibration, and the levels of these spurs are now mainly dominated
by the variation of the output delay of loop components [see Fig. 5.24 (a)].
When the ripple pattern estimation and cancellation algorithm is enabled,
the spectrum in Fig. 5.24 (a) shows that the spur at frip is suppressed
significantly, while the spurs at its harmonics are also lowered. In contrast,
the spur level at ffrac remains unaffected during these calibrations. To
suppress this spur, the mismatch calibration is then enabled, and the
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spur level at ffrac is reduced from −54.5 dBc to −60.4 dBc as shown in
Fig. 5.24 (b). During the mismatch calibration, the levels of spurs at frip
and its harmonics remain unchanged. The spur level at 2ffrac due to the
PD nonlinearity also remains at ∼ −72.6 dBc during these calibrations.
Table 5.1 summarizes the performance of the proposed DPLL and
compares it with state-of-the-art designs. We first compare the performance
of the prototype under supply ripple to state-of-the-art low-power (<5 mW)
fractional-N PLLs under a clean supply [25, 108, 111, 112]. The normalized
FoM (FoMR , defined at the bottom of Table 5.1) is ∼3 dB worse compared
to [108] and [111], while it is ∼5 dB worse compared to [112] implemented in
SOI technology. This is partly due to the fact that no ultra-thick top metal
layer is available in the technology used, limiting the Q-factor of the DCO.
Moreover, in order not to offset the advantages of removing the LDOs, no
external capacitor is used to filter out the noise of the biasing current in the
slope generator and current DAC; this however increases the contribution
of PD’s circuit noise to the in-band PN by about 40% as per simulations.
In contrast, for example, the design in [112] uses several external tunable
reference voltages to charge/discharge the capacitors in its sampling PD
and the following CDAC, which is difficult to integrate on-chip. Next, our
prototype is compared to designs with ‘dirty’ supplies [44, 60, 66, 67, 96].
The frip spur of the prototype is the lowest under a large 50 mVpp supply
ripple. Meanwhile, to the best of our knowledge, the proposed design is
the first fractional-N PLL that can successfully operate under the supply
ripples with acceptable performance.

5.5

Conclusion

This chapter demonstrates a fractional-N DPLL that is insensitive to
supply ripples, thereby enabling a direct connection to a DC-DC converter.
To tolerate the supply ripple, the feed-forward ripple replication and cancellation technique with an improved calibration loop is adopted to reduce
the supply pushing of the LC oscillator. The output of the MMDIV, which
is driven by a second-order ∆Σ modulator, is resampled by both edges
of the oscillator output to halve the input range of the following slope
generator. This facilitates a linear and supply-insensitive conversion from
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time to voltage domain by the slope generator. Meanwhile, a current DAC
compensates the excursion due to the fractional-N operation in order to
limit the dynamic range of the SAR ADC that quantizes the phase error. A
ripple pattern estimation and cancellation algorithm is integrated to cancel
the phase error induced by the delay variations of the loop component under
the supply ripple from the ADC output so that it would not modulate the
oscillator. Prototyped in 40-nm CMOS, the DPLL exhibits 428 fs rms jitter
and <−55 dBc fractional spur, while the ripple spur is also <−54 dBc.
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Chapter

6
Conclusion

This dissertation mainly focuses on the analysis and design of a fractionalN digitally intensive PLL that is practically insensitive to supply ripples,
enabling its direct operation under the output of a switching DC-DC converter. In this concluding chapter, an overview of the thesis outcome is
presented, while the main findings and original contributions are summarized. Based on these, some suggestions and recommendations for future
improvements are also provided at the end of this chapter.
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6.1

Conclusion

Thesis Outcomes

The use of DC-DC converters followed by low dropout (LDO) linear
regulators has long been the ‘standard’ way of powering the system-on-chip
(SoC). The voltage output levels of the energy sources are transformed to
the nominal supply voltage of the system with sufficiently high efficiency
through the converters. For full system integration and system miniaturization, switched-capacitor DC-DC converters are favored while the switching
frequencies would be increased to several or tens of MHz. Nevertheless, as
described in Chapter 2, when directly supplying the phase-locked loops
(PLLs), the output ripples of converters could severely degrade the PLL’s
performance by modulating the frequency of the oscillator and the output
delay of the loop components. It is also shown that the ripple frequency
could intermodulate with the fractional frequency synthesized through
the supply sensitivity of phase detectors. Therefore, LDOs are used in
cascade with the converters to suppress the ripples in the aforementioned
arrangement.
A detailed analysis on the power efficiency of the LDOs powering the
PLLs is carried out in Chapter 3. The ‘capacitor-less’ topology with the
dominant pole located at the output of its error amplifier (EA) is selected
to avoid the use of large load capacitors, and two separate LDOs are
needed for better isolation between the sensitive oscillator and the phase
detection blocks. The efficiency of the LDO is mainly limited by both
its dropout voltage (VDO ) and the quiescent current flowing through the
EA (IEA ) and the feedback resistors (IF ). Calculations show that VDO ,
established by the power supply rejection performance of the LDO, would
consume ∼100 mV extra voltage headroom in the 40-nm CMOS technology
used here, and degrades the system efficiency by a factor of ∼0.9× at 1 V
supply. The level of IEA and IF are mainly determined by the figure-ofmerit of the oscillator (FoMosc ) and loop components (FoMloop ) for the
corresponding LDOs, respectively. For the LDO powering the oscillator,
the efficiency could further drop by a factor of worse than ∼0.7–0.8× due
to the quiescent current. Based on this analysis, it deems beneficial to
power the PLL directly with the DC-DC converter. At the end of this
chapter, some further discussion on different powering scenarios for SoCs
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is also provided.
To enable a direct connection to the converter output, a fractionalN digitally intensive PLL (DPLL) architecture is then developed. In
Chapter 4, the supply pushing of the LC oscillator, which is the most
supply sensitive block in the PLL, is tackled first. The proposed feedforward ripple replication and cancellation technique replicates the supply
ripple to the gate of the tail current transistor of the oscillator with a proper
gain to stabilize the oscillator tail current and reduce its supply pushing.
An on-chip calibration loop employing a conventional peak detector and
an inverter chain based amplifier is also implemented to find the optimum
gain between the replica and the ripple. The prototyped ∼5 GHz LC
oscillator in 40-nm CMOS achieves a supply pushing of <1 MHz/V for
supply ripples up to 12 MHz, leading to a >10× improvement over state-ofthe-art oscillator designs at low ripple frequencies. The proposed technique
is further verified through powering the oscillator directly with a threestage recursive switched-capacitor converter. Under the 1.3–2.2 V converter
input, a high system peak efficiency of 85% is achieved while the spur level
remains below −65 dBc. The inherent phase noise of the oscillator is also
preserved due to the low output noise of the converter.
The entire fractional-N DPLL architecture is elaborated and verified
in Chapter 5. The feed-forward ripple cancellation technique proposed
above is adopted to suppress the oscillator supply pushing, while the design
of its calibration loop is further modified to tolerate supply ripples. The
intermodulation between the ripple frequency and the fractional frequency
is alleviated using the proposed voltage domain phase detector with an
improved supply insensitivity. SAR ADC is adopted in the phase detection
circuitry to digitize the phase error due to its energy efficiency as well as
supply immunity. A low-power ripple pattern estimation and cancellation
algorithm is also inserted at the ADC output to extract and remove the
pattern at ripple frequency. Consequently, the effect of the supply-induced
output delay perturbations of loop components is cancelled in digital
domain before modulating the oscillator. Exploiting these techniques, the
DPLL prototype, also demonstrated in 40-nm CMOS, exhibits ∼428 fs rms
jitter and < −55 dBc fractional spur under the 50 mVpp ripple. Meanwhile,
the measured < −54 dBc spur at the ripple frequency is also the lowest
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when compared to other PLL designs with techniques to suppress the
supply sensitivity of the whole loop or certain building blocks.

6.2

Main Contributions

The main findings and original scientific contributions made during the
development of the thesis are summarized as follows:
• The effects of supply ripple on the spectral purity of a PLL are
comprehensively analyzed and quantified (Chapter 2).
• The power efficiency of the integrated LDOs powering the oscillator
and other loop components of the PLL are derived (Chapter 3).
• Four scenarios of the power management strategy for a real and
complex system-on-chip are discussed and compared (Chapter 3).
• A feed-forward supply ripple replication and cancellation technique
that suppress the supply pushing of the LC oscillator is proposed
and verified (Chapter 4 and 5).
• A phase detection circuitry based on cascading a current-mode slope
generator with the output of a current DAC is proposed for improved
supply immunity, while a low-power digital algorithm inserted at
the SAR ADC’s output extracts and removes the pattern due to the
supply-induced delay variation of loop components (Chapter 5).
• A fractional-N digitally intensive PLL that is insensitive to supply ripples is designed and implemented in the sub-micron CMOS
technology (Chapter 5).

6.3

Suggestions for Future Improvements

This dissertation demonstrates a fractional-N digitally intensive PLL
architecture capable of maintaining its performance under supply ripples,
facilitating the direct operation of the system under the output of DC-DC
converters. The results reveal some aspects for further improvements:
• The analysis in Chapter 3 offers insights into the efficiency limitations
of the LDOs powering the PLL. However, it only includes parameters
that directly affect the LDO efficiency. Considering a practical LDO

6.3 Suggestions for Future Improvements

131

design, it would be beneficial to further analysis the impact of other
performance metrics on the LDO efficiency.
• As discussed in Chapter 4, the nonlinearity of the ripple replication
block (RRB) could lead to spurs at the second ripple harmonic or the
intermodulation frequencies of the tones in the ripple waveform, while
its limited bandwidth results in reduced spur level suppression at high
ripple frequencies. Therefore, it is worthwhile to research techniques
to improve the linearity of RRB and to extend its bandwidth with
small power penalty. For example, the feedback technique combined
with phase shift compensation methods could be utilized to linearize
RRB and achieve higher bandwidth, while the calibration loop could
be modified to adjust the feedback ratio which, in turn, modifies the
gain of the replica. For a ripple waveform that already contains higher
harmonics, i.e., sawtooth ripples, another interesting topic would be
to research the possibility of adjusting the amplitude and phase of the
harmonic terms generated by the nonlinearity of RRB, so that they
could further cancel with the corresponding harmonic components in
the ripple waveform, leading to better spur performance.
• AC-coupling is employed in the RRB calibration loop (please refer
to Section 4.3.2 and 5.3.4) to accommodate the DC levels of different
stages, limiting the lowest ripple frequency that the loop can deal
with. To remove this limitation, DC-coupling should be adopted. At
the same time, for a reliable operation of the calibration loop, extra
techniques/calibrations are required to guarantee the proper biasing
conditions of each stage under PVT variations.
• The fractional spur of the DPLL is mainly limited by the linearity of
the slope generator, as obtained from simulations. Extra techniques
could be explored to further boost the output resistance of the current
source in the slope generator for an improved linearity performance.
Otherwise, it is also interesting to research on replacing the ∆Σ
modulation with other coding methods that can better resist the
effect of nonlinearity [33, 127, 128].
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Summary

The scaling of CMOS technology in deep submicron process nodes is
accompanied by the integration of more and more functional blocks of a
system, whether digital or analog/RF, onto the same chip (i.e., system-onchip, SoC). These blocks would also place different requirements on their
power supplies. To provide various static or dynamically controlled supply
voltages needed by the SoC, a dedicated power management unit (PMU)
is typically deployed. Following the same trend of system integration,
implementing the PMU on-die is also highly desired.
The core of a PMU consists of several sets of voltage regulators that
convert the output level of the energy source to the multiple supply voltages
required by the integrated system. The DC-DC converters (switching
regulators) and the low-dropout (LDO) linear regulators are normally
employed in cascade for high power efficiency and for suppressing ripple
amplitude demanded by the supply sensitive blocks, respectively. Although
much effort has been devoted to the research on the design of fully integrated,
or the so-called ‘capacitor-less’ LDOs, little has been done for the co-analysis
and co-design of these LDOs with the load circuitry they power.
Frequency synthesizers have found wide applications in various systems.
The phase-locked loop, as one of the most commonly used frequency
synthesis techniques, modulates the oscillator in a feedback manner to
generate the desired loop output. The first part of this thesis (Chapters 2
and 3) focuses on the power efficiency of the capacitor-less LDO when
powering a PLL. Since the PLL, especially its oscillator, is sensitive to
the supply perturbations, the LDO should provide a high power supply
rejection (PSR) at the ripple frequency, which could be in the range of
153

154

Summary

several to tens of megahertz for integrated DC-DC converters, with a low
output noise. The dropout voltage of the LDO is then determined by
the required PSR, consuming extra voltage headroom and degrading the
efficiency of the system. The tolerable output noise generally limits the
minimum quiescent current consumed by the error amplifier (EA) and the
feedback resistors in the LDO. Owning to the stringent requirement of the
supply noise imposed by the oscillator in order to preserve its inherent
phase noise performance, the efficiency of the corresponding LDO would be
further degraded by a large factor due to its quiescent current consumption.
Based on the analysis above, it deems beneficial to power the PLL
directly from the output of DC-DC converters. Taking this step further,
different scenarios of powering the SoC are also identified and briefly
discussed at the end of the first part.
To enable the proposed direct connection, the modules in the PLL should
be able to tolerate the output ripples from such converters. In the second
part of this thesis (Chapters 4 and 5), a fractional-N digitally intensive
PLL (DPLL) architecture capable of maintaining its performance under a
large (i.e., 50 mVpp ) supply ripple is developed. The digital implementation
is selected due to its ability to incorporate various digital calibration
techniques with relative ease. The supply pushing of the LC oscillator used
in the DPLL is suppressed by the proposed feed-forward ripple replication
and cancellation technique, which replicate the supply ripple to the gate
of its tail current source with a proper gain, stabilizing the oscillator tail
current, and correspondingly, the oscillation swing. The optimal gain is
calibrated on-chip through amplifying the oscillation amplitude variation
and locating the control setting corresponding to the minimum value. The
time error between the reference and the divided output of the oscillator is
linearly converted into voltage domain through the current-mode supplyinsensitive slope generator, with its input range being halved by resampling
the output of the multi-modulus divider (MMDIV), driven by second-order
∆Σ modulation, with both edges of the oscillation signal. The output
of a current DAC operating in parallel is also cascaded with the slope
generator during phase detection to limit the dynamic range of the SAR
ADC used to digitize the phase error. A low-power ripple pattern estimation
and cancellation algorithm is also inserted at the ADC output to remove
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the effect of the output delay perturbations of loop components under
the supply ripple. Employing all these techniques, the proposed DPLL
demonstrates, for the first time ever, the acceptable performance while
operating under a large 50 mVpp supply ripple.
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